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Abstract

With regards to electronic systems, two important trends can be observed. The
first trend is generally known as Moore’s law. According to this law, the digi-
tal processing capacity per chip is increasing rapidly; approximately a factor two
every 18 months. Another part of the first trend is that the performance increase
of integrated linear or analog processing is slow; approximately a factor two ev-
ery 4.7 years. One of the consequences of these two aspects is that, in systems
containing an analog- and a digital part (mixed-signal systems), more and more
functionality is shifted from the analog processing domain into the digital pro-
cessing domain.

The second trend that can be observed is that the rate of data exchange between
electronic systems is increasing rapidly, whether this is via tracks on printed cir-
cuit boards, wires or wireless. These higher data rates require components with
large bandwidth and small noise contributions in the analog part of the electronic
system and components running at a high clock frequency and high resolution in
the digital part. At the interface of the analog- and digital parts of the system, the
requirements from both sides are applicable. For that reason, the design of data
converters from analog to digital (ADCs) and from digital to analog (DACs) is an
important part of the overall system design. In practice, especially the design of
the ADC is demanding.

For a specific set of applications, the requirements for the ADC can be relaxed
by reducing the resolution of the conversion from analog to digital. Within these
specific applications, signal characteristics rather than instantaneous values of the
signal are determined. Reducing the resolution to an extreme extend is called
’coarse quantization’.

When designing systems with an analog- and a digital part, two different dis-
ciplines have to cooperate: the analog design discipline and the digital design dis-
cipline. The analog- and digital design processes are guided by an Analog-Digital
Codesign methodology. In the existing Codesign methodology (the Specify-Ex-
plore-Refine-Verify or SERV methodology), the mixed-signal system is separated
into an analog- and a digital part in an early stage of the design process. This
separation is one of the major design specifications and is generally not reconsid-
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II ABSTRACT

ered in the course of the project. However, when considering coarse quantization,
system performance is not clear during the functional specification phase of the
project because of unknown effects of coarse quantization. For that reason, a de-
sign methodology is proposed that allows revision of the functional specification,
based on a performance evaluation. This design methodology is originally devel-
oped for the design exploration of (digital) hardware and software and is called the
"Y-chart approach’. We use this approach for the design of mixed-signal systems.

Analog-Digital Codesign, guided by the Y-chart approach, leads to mixed-
signal systems with reduced costs compared to systems designed with the tradi-
tional SERV methodology. The Y-chart approach also enables the use of coarse
quantization as an additional design parameter to further reduce costs. This is
illustrated by two case studies.

The first case study concentrates on the design of a digital predistorter for
Power Amplifiers (PAs) in telecommunication transmitters. In this thesis, we
show that coarse quantization is applicable within predistorters, leading to the use
of low cost ADCs. Furthermore, if we allow system timing parameters which are
part of a functional specification, to be frozen only after a performance evaluation,
the costs of the digital processing part can be reduced as well.

In the second case study, we reconsider the design of a part of a Radio Tele-
scope, used for Radio Astronomy. This part is called the Tied Array Adder and it
sums signals from different telescopes. Within a Tied Array Adder, digital sum-
mation of signals in combination with coarse quantization is applicable but leads
to loss of efficiency compared to a Tied Array Adder where summation is done
in the analog domain. The system specification can only be frozen after a perfor-
mance analysis of the overall system because the effects of coarse quantization
are not known during functional specification.

Both case studies show that coarse quantization can lead to mixed-signal sys-
tems with lower costs but system parameters will change. The explicit reconsider-
ation of functional specifications, facilitated by the Y-chart approach, is therefore
essential for the introduction of coarse quantization.



Samenvatting

Met betrekking tot electronische systemen kunnen twee belangrijke trends worden
waargenomen. De eerste trend is algemeen bekend als de wet van Moore. Volgens
deze wet neemt de digitale verwerkingscapaciteit per chip zeer snel toe: ongeveer
een factor twee elke 18 maanden. Een andere waarneming binnen de eerste trend
is dat de toename in prestaties van geintegreerde lineaire- of analoge verwerking
traag is: ongeveer een factor twee elke 4.7 jaar. Een gevolg van deze twee aspecten
is, dat bij systemen die uit een analoog en een digitaal deel bestaan (mixed-signal
systemen) steeds meer functionaliteit verplaatst wordt van het analoge deel naar
het digitale deel.

De tweede trend die kan worden waargenomen is dat de snelheid waarmee
informatie uitgewisseld wordt tussen electronische systemen zeer snel toeneemt,
of dit nu verloopt via sporen op printplaten, kabels of draadloos. Door deze hoge
snelheden zijn componenten vereist met grote bandbreedte en lage ruisbijdragen
in het analoge deel en componenten met hoge klokfrequenties en hoge resoluties
in het digitale deel. Voor het grensvlak van de analoge- en digitale delen zijn de
eisen van beide kanten van toepassing. Om die reden vormt het ontwerp van data
omzetters van analoog naar digitaal (ADCs) en van digitaal naar analoog (DACs)
een belangrijk onderdeel van het systeemontwerp. In de praktijk is voornamelijk
het ontwerp van de ADC veeleisend.

Voor een bepaalde verzameling toepassingen kunnen de eisen voor de ADC
versoepeld worden door de resolutie van de analoog naar digitaal omzetting te ver-
lagen. Binnen deze toepassingen worden eigenschappen van het signaal bepaald
in plaats van de instantane waarde. Het verlagen van de resolutie in extreme mate
wordt ’grove kwantisatie’ genoemd.

Tijdens het ontwerp van systemen met een analoog en een digitaal deel moeten
mensen vanuit twee verschillende disciplines met elkaar samenwerken: de analoge
ontwerpdiscipline en de digitale ontwerpdiscipline. De analoge- en digitale ont-
werpprocessen worden geleid door een Analoog-Digitaal Codesign methode. Vol-
gens de bestaande Codesign methode (de Specify-Explore-Refine-Verify of SERV
methode) wordt het mixed-signal systeem in een vroegtijdig stadium van het ont-
werpproces gesplitst in een analoog en een digitaal deel. Deze splitsing is één van
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de belangrijkste ontwerpspecificaties en wordt in het algemeen niet heroverwogen
gedurende het project. Echter, wanneer grove kwantisatie overwogen wordt, zijn
de prestaties van het systeem niet bekend tijdens het functioneel ontwerp door
de vooralsnog onbekende effecten van grove kwantisatie. Om die reden wordt
een ontwerpmethode geintroduceerd die het toestaat om functionele specificaties
te herzien, gebaseerd op een prestatie evaluatie. Deze ontwerpmethode is oor-
spronkelijk ontwikkeld voor ontwerp-verkennings studies van (digitale) hardware
en software en wordt de *Y-chart” benadering genoemd. We passen deze benade-
ring toe voor het ontwerp van mixed-signal systemen.

Analoog-Digitaal Codesign, gebruikmakend van de Y-chart benadering, leidt
tot goedkopere mixed-signal systemen in vergelijking tot systemen ontworpen via
de traditionele SERV methode. De Y-chart benadering staat tevens het gebruik van
grove kwantisatie toe als middel om de kosten van het systeem verder te verlagen.
Dit wordt geillustreerd met behulp van twee case studies.

De eerste case studie richt zich op het ontwerp van digitale predistortie van
vermogens-versterkers in zenders voor telecommunicatie toepassingen. In dit
proefschrift wordt aangetoond dat grove kwantisatie toegepast kan worden bin-
nen predistortie-systemen waardoor goedkope ADCs gebruikt kunnen worden.
Als we tevens toestaan dat systeem timing parameters, die een onderdeel zijn van
de functionele specificatie, pas bevroren worden na een prestatie evaluatie, dan
kunnen de kosten van het digitale verwerkingsdeel ook nog verlaagd worden.

In de tweede case studie heroverwegen we het ontwerp van een deel van een
Radio Telescoop die wordt gebruikt voor Radio Astronomie. Dit deel wordt de
"Tied Array Adder’ genoemd en het telt signalen van meerdere telescopen bij
elkaar op. Binnen een Tied Array Adder kan digitale optelling van signalen in
combinatie met grove kwantisatie worden gebruikt hetgeen echter leidt tot ver-
lies van gevoeligheid in vergelijking met een Tied Array Adder waar de signalen
worden opgeteld in het analoge domein. De systeem specificaties kunnen pas
bevroren worden na een evaluatie van de prestaties van het gehele systeem doordat
de effecten van grove kwantisatie niet bekend zijn tijdens de functionele specifi-
catie fase.

Beide case studies tonen aan dat grove kwantisatie kan leiden tot mixed-signal
systemen tegen lagere kosten maar dat systeem parameters beinvloed zullen wor-
den. Het expliciet heroverwegen van functionele specificaties, hetgeen toegestaan
is in de Y-chart benadering, is daarom essentieel voor het toepassen van grove
kwantisatie.
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Chapter 1

Introduction

In the 1950s, the invention of the transistor launched an electronic revolution. The
transistor is a solid-state device, made from silicon which replaced vacuum tubes.
Tubes consist of wires, metal plates, a glass capsule and a vacuum. The transistor
is smaller, cheaper and dissipates less heat than a vacuum tube, but can be used in
the same way as a vacuum tube.

The first transistors were packaged in separate containers and early ’transis-
torized’ computers contained about 10.000 transistors. One can imagine that the
assembly of a computer consisting of 10.000 or more separate containers is ex-
pensive and cumbersome.

Building computers with more than 100.000 transistors became possible after
the invention of the integrated circuit. The basic idea is to fabricate an entire cir-
cuit, consisting of multiple transistors onto the same piece of silicon, rather than
to assemble discrete components made from separate pieces of silicon. The ter-
minals of different transistors are interconnected to form circuits via small tracks
of metal. Many transistors can be layed out on a single wafer of silicon. A wafer
contains multiple instantiations of the same circuit. The silicon area dedicated to
a single circuit is called a "chip’.

As time went on, it became possible to pack more and more transistors on
the same chip. This trend was investigated quantitatively by Gordon Moore in
1965 ([1]). Moore investigated for successive generations of semiconductor tech-
nologies, the cost per component for different numbers of components on a single
chip. The costs of a single chip is fixed, so the more components can be packed
on a chip, the less the costs per component will be. However, as components
are added, decreased yields tend to raise the costs per component. Moore dis-
covered that the number of components per chip, leading to minimum component
costs was doubling each year and he expected this trend to proceed on the long
term. He appeared to be right although the pace has slowed to a doubling every
18 months since the 1970s. This trend has become well-known as Moore’s law.
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Figure 1.1: Growth of transistor count of the Intel Processor family

Moore’s law is illustrated by the evolution of the Intel processor family (see figure
from [2], p. 30).

The most striking consequences of Moore’s law are:

e The same functionality is realized in course of time in smaller packages
against lower costs, more reliably, dissipating less power. Furthermore, the
computer becomes onmipresent. Computers are built into many, many de-
vices for monitoring and control. Examples are the processing devices used
in telecommunication equipment like cell-phones, automotives, identifica-
tion devices etcetera.

e Because of the miniaturization, logic and memory elements are placed closer
together and therefore, the electrical pathlength is shortened, increasing op-
erating speed.

In Moore’s article ([1]), a second, less cited, yet important observation (pre-
diction) was presented. Moore’s basic conclusions were that integration will not
change analog systems as radically as digital systems. Analog systems are sys-
tems where signals are continuous, both in time and amplitude. In digital systems,
signals are discrete in time and amplitude.

The lack of large-value capacitors and inductors is the greatest fundamental
limitation to integrated analog electronics. Moore also stated literally that *induc-
tors and capacitors will be with us for some time’.
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Figure 1.2: Relative performance of microprocessors and ADCs

Moore’s second prediction became true as well. Digital performance metrics
have grown significantly faster than corresponding metrics for analog circuits,
especially Analog-to-Digital Converters (ADCs). From an implementation per-
spective, the ADC is more demanding than its functional counterpart the DAC
(Digital-to-Analog Converter). For that reason, comparisons between the evolu-
tion of digital processing capacity and analog processing capacity often use the
evolution of the resolution of ADCs as a reference. An overview of performance
trends for ADCs is given in [3] and [4]. In figure|1.2, the relative performance of
microprocessors and ADCs over the years 1987 to 2003 is presented (from [4]).

The relative performance of the microprocessors is determined by the number
of instructions per second that can be executed by a single microprocessor. For
the different generations of microprocessors, comparable instructions are consid-
ered. The relative performance of ADCs is determined by the resolution of the
quantization that can be obtained at a certain sampling speed. In the course of
time, chip area, power consumption and production costs are equal.

We see that in a period of 15 years, the relative performance of the ADCs has
fallen behind a factor 150. Concluding, we basically see two trends which reflect
the difference in evolution between digital and analog performance metrics:

e The performance increase of integrated digital processing is fast; a factor 2
every 18 months.

e The performance increase of integrated linear or analog processing is slow;
a factor 2 every 4.7 years.
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1.1 Trends and consequences

Many, if not all, applications require analog interfaces beside the digital process-
ing part. Digital Audio equipment like MP3 players, need to generate analog
signals to stimulate speakers to generate sound. A mobile telephone has to con-
vert speech into digital data and vice versa. More importantly, however, mobile
devices need to send and receive data over a wireless channel via an analog in-
terface. In general, sensors (for example wireless receivers, cd-readers) generate
analog signals and actuators (wireless transmitters, cd writers) require analog sig-
nals. The information processing, however, is often done in the digital domain.
Systems that both have an analog- and a digital part are generally refered to as
‘mixed-signal’ systems. Below, we will now give a more detailed definition of
mixed-signal systems.

1.1.1 Definition of mixed-signal systems

Many electronic systems can be characterized as mixed-signal systems; they con-
sist of a digital and an analog part. Within the digital part, data is represented with
limited predefined accuracy. The data is said to have "discrete-amplitude’ (see [5],
p. 5). The discrete levels are numbered and generally coded into bits. In practice,
the number of quantization levels is limited (say N,.;) and can be coded into
210g(Njevers) bits. The number of bits used for coding the quantization levels is
called the ’resolution’ of the signal. A time-varying signal generally is a stream of
data values which represents the amplitude-discrete data at discrete time intervals
(discrete-time).

In the analog part of a mixed-signal system, data can in principle be repre-
sented with infinite precision through a voltage or a current (continuous-amplitude).
Errors in the signal representation are caused by imperfect behavior of analog
components. Two examples of imperfect behavior are non-linear behavior and
the addition of noise to the original signal. Non-linear behavior is often modeled
as the addition of distortion to a linear component and in many applications this
distortion component is modeled as noise. The ratio of the power of the original
signal and the noise (Signal-to-Noise Ratio or SNR) is an important measure in
analog electronics.

Variations of signals in analog systems continuously result in corresponding
variations in the voltage or current (continuous-time).

In mixed-signal systems, data is exchanged between the digital and the analog
domain via Analog to Digital Converters (ADCs) and Digital to Analog Convert-
ers (DACs), see [5]. An ADC has two tasks: sampling and quantization. Sampling
converts the continuous-time signal into a discrete-time signal. Quantization con-
verts the continuous-amplitude signal into a discrete-amplitude signal. An ana-
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log signal can be sampled before quantization or quantized before sampling. A
DAC generally converts digital data into an appropriate analog current or voltage.
The two stages from amplitude-discrete to amplitude-continuous and from time-
discrete to time-continuous are generally not identified separately. The number of
discrete amplitude levels an ADC or a DAC can identify is called the resolution
and is mostly expressed in the number of bits used to encode the discrete levels.

The design of the digital part of a mixed-signal system differs from the design
of the analog part of the system. The basic difference is that within digital de-
sign, signal quality is generally less affected by operations on the signal. In many
applications, the digital representation format is over-dimensioned, liberating the
digital designer from continuously monitoring signal quality during the design
process. Within the analog design process, the correct representation of the signal
constantly is a matter of concern.

1.1.2 Trends in the design of mixed-signal systems

The general trend in the design of mixed-signal systems is to:

e make optimum use of the first part of Moore’s observation; the performance
in the digital domain increases rapidly.

e avoid the second part of Moore’s observation; the performance in the analog
domain increases slowly.

This translates into a trend where functionality is shifted as much as possi-
ble from the analog domain into the digital domain. Prominent examples of this
trend are ‘Software Radios” and ‘Digital IF’. Software Radio refers to a software
reconfigurable radio with programmable radio interfaces and digital baseband sig-
nal processing stages. An example of an architecture for advanced software radio
platforms is given in [6]. Digital IF refers to the application of digital techniques
in the design of wireless receivers and transmitters where the characters ‘IF’ stand
for Intermediate Frequencies. Digital IF is one of the most important enabling
technologies of Software Radios. We will concentrate on Digital IF applied in
receivers for telecommunication applications.

In figure (1.3 a typical receiver block diagram is presented.

The signal of interest is captured at the antenna and its frequency is generally
located in the frequency area ranging from a few MHz to a few GHz. This fre-
quency range is generally indicated as ‘RF’, which stands for ‘Radio Frequencies’.
For telecommunication applications, the bandwidth of the signal is in the order of
1 MHz to 10 MHz. This signal is first amplified by a Low Noise Amplifier (LNA).
By mixing the output of the LNA with a Local Oscilator signal with a frequency in
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Figure 1.3: Typical superheterodyne receiver block diagram
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Figure 1.4: Typical receiver block diagram using digital IF

the RF range (LO RF), the signal of interest is downconverted to a frequency range
between 10 MHz and 100 MHz. This intermediate frequency range is generally
indicated as ‘IF frequencies’. The signal is filtered and amplified and a second
mixer downconverts the signal to Baseband frequencies, ranging from nearly 0
Hz to about 10 MHz, using a Local Oscilator signal with a frequency in the IF
range (LO IF). This two-stage approach, from RF-frequencies to IF frequencies
to Baseband, is typical for the so-called ‘superheterodyne receiver’. Alternatively,
receivers which directly convert from RF frequencies to Baseband frequencies are
called ‘direct conversion receivers’. Although more complicated from a functional
point of view, superheterodyne receivers are preferable from an implementation
point of view. We therefore concentrate on superheterodyne receivers. After the
last mixing stage, the signal is filtered, amplified and converted into the digital
domain by means of an ADC. The signal is then further processed in the digital
domain. The signal at the input of the ADC, in general, has a bandwidth in the
order of 10 MHz.

When using digital IF, the location of the ADC is shifted towards the analog
frontend, see figure/1.4

The ADC is sampling the signal at IF frequencies. The last conversion stage
and necessary filtering is done in the digital domain (see for an example [7]).
The signal at the input of the ADC is located at a frequency ranging from 10
MHz to 100 MHz. In general, requirements for the analog part of a mixed-
signal system are related to the requirements for the digital part. Because of the
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Nyquist/Shannon Sampling theorem (see [8] and [9]), the minimum required rep-
etition rate of samples in the digital domain equals twice the bandwidth in the
analog domain. This implies that the analog input bandwidth and the sampling
frequency of the ADC have to be increased considerably when using digital IF.

For digital IF applied in transmitters, configurations can be sketched similar
to the ones shown in figures/1.3 and 1.4, The functional counterpart of the ADC
in the transmitter is the DAC in the receiver. The consequences for the DAC in
the digital IF transmitter are similar to the consequences for the ADC in a digital
IF receiver. The DAC will have to operate at a higher clocking rate and needs to
have a larger analog bandwidth.

Concluding, digital IF requires data converters (ADCs and DACs) with larger
bandwidth (higher sampling rate).

Besides the trend to shift more and more functionality from the analog do-
main into the digital domain, there is another trend which has a major impact on
the design of mixed-signal systems. Users require, especially in telecommunica-
tion applications, higher data rates for each new generation of equipment. This
can be seen from the evolution of the GSM standard to EDGE (see [10]) and
UMTS (see [11]). The corresponding maximum data rates are 200 kilobits per
second (kbps), 270 kbps and 3.84 Megabits per second (Mbps) respectively. The
trend can also be seen from the evolution of the IEEE802.11b standard ([12]) to
IEEE802.11g ([13]). The corresponding maximum data rates are 11 Mbps and 54
Mbps respectively.

There are basically two techniques to increase the data rates. The spectral win-
dow, assigned to the telecommunication standard, can be increased and/or more
advanced modulation schemes can be used. Increasing the spectral window means
that a larger part of the scarce electro-magnetic spectrum is required. Therefore,
the use of the second technique to increase the data rate, advanced modulation
schemes, is often more attractive.

As mentioned before, requirements for the analog part of a mixed-signal sys-
tem (bandwidth, SNR) are related to the requirements for the digital part (sam-
pling rate, resolution). Concerning the bandwidth/sampling rate, we have already
seen that the minimum required repetition rate of samples in the digital domain
equals twice the bandwidth in the analog domain. Concerning the SNR/resolution,
it is indicated in [5], p. 12, that an increase of the SNR of data converters with
6.01 dB requires an additional resolution in the digital representation of signals of
1 bit.

For both techniques to increase the data rate, increasing the assigned spectral
window and advanced modulation schemes, the effects on the analog and digital
parts of the system can roughly be indicated. An increased spectral window leads
to an increase of the bandwidth of the analog components and to an increased
repetition rate of the digitally represented signal. Hence, the data converters (ADC
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Figure 1.5: Power requirements of ADCs (from [4]).

and DAC) have to operate at higher frequencies. Using more advanced modulation
schemes generally requires a larger SNR which means for the analog part of a
receiver that mainly the noise injected by the first amplifier stage of a receiver (the
LNA) and the non-linearity of the successive stages should be reduced. For the
digital part this results in data converters with an increased resolution.

We see that for both options (increasing the spectral window and more ad-
vanced modulation schemes to increase data rates), the performance of the data
converters has to increase. Besides this, we have already seen that, when intro-
ducing digital IF, data converters with increased performance are necessary as
well. The ever increasing requirements on data converters are a problem. This is
illustrated in figure[1.5.

In this figure, we see the power consumption of ADCs for different resolutions
and sampling frequencies. If either the resolution or the sampling frequency in-
creases, the power consumption increases accordingly. A factor of 10 increase in
sampling frequency leads to a factor of 10 increase in power consumption while
approximately 3 bits additional resolution also leads to a tenfold power consump-
tion. For example, when going from baseband sampling to digital IF, a tenfold in-
crease of sampling frequency is quite common. The corresponding power increase
(factor 10) is often not acceptable which makes digital IF not an attractive option
in many applications. Similarly, increasing the spectral window for telecommuni-
cation applications will lead to higher sampling rates and consequently to higher
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Figure 1.6: Noise shaping DAC

power consumption. Furthermore, more advanced modulation schemes will lead
to data converters with more resolution inevitably leading to higher power con-
sumption.

So, currently we cannot introduce digital IF on a large scale, we cannot in-
crease spectral windows significantly and we cannot apply more advanced modu-
lation schemes without a significant increase in power consumption. Furthermore,
because of the second part of Moore’s observation, we do not expect a significant
increase of the performance of data converters in the near future either.

1.2 Digitally assisted analog

According to [4], one way to escape from this situation is ’digitally assisted ana-
log’. The principle behind digitally assisted analog circuits is to delegate analog
requirements concerning allowed non-linearity, to the digital domain. The effects
of the reduced power dissipation and/or chip-area because of the relaxed analog
requirements surpass the effects of the increased power dissipation and/or chip-
area in the digital domain. An example of digitally assisted analog circuits are
digitally predistorted Power Amplifiers (PAs). By means of digital processing,
the inherent non-linear behavior of the analog power amplifier is reduced. Digital
predistortion of Power Amplifiers will be explained in more detail in section/1.6.1.
Other prominent examples of digitally assisted analog circuits are noise shaping
DACs and sigma-delta ADCs (see [5], Chapter 10). The basic idea is to exchange
accuracy with speed. An example of a noise shaping DAC is given in figure 1.6
(from [5], p. 369).

The final DAC in figure [1.6 is preceeded by a digital oversampling filter.
Within this filter, additional samples, "between’ the original samples are deter-
mined by interpolation, increasing the effective sampling rate. The number of
bits, used for the representation of the digital values (the resolution), is decreased
which increases noise level. However, because of the increased sampling rate,
out-of-band noise can be removed by means of clever digital filter techniques.
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The oversampled digital signal is then converted into an analog signal by means
of a 14 bits DAC. The component count of a 14 bits DAC is lower than the com-
ponent count of a 16 bits DAC which outweighs the increased digital complexity.
In a sigma-delta ADC, a similar but reverse approach is used. The analog signals
are coarsely quantized at high frequency and a successive digital signal processing
stage, called a low-pass decimator, reduces the sampling frequency while increas-
ing the resolution. We will not explain the noise-shaping DAC and sigma-delta
converters in more detail (see [5]).

1.3 Coarse quantization

In the sigma-delta ADC and noise-shaping DAC examples, the repetition rate of
samples is increased and the resolution (number of bits) is decreased. Increasing
the bandwidth while reducing the resolution is necessary in applications where
sampled data is used to represent instantaneous values of signals. For example,
the instantaneous amplitude of a real-valued signal or the instantaneous amplitude
and phase of a complex-valued signal. In some receiver applications, knowledge
concerning the instantaneous values of a signal is not of utmost importance. In
these applications, only characteristics of a signal need to be determined. An
example of such an application is a square law detector (see [14], p. 32), also
called Total Power Detector (TPD). The output of the TPD at a specific moment
in time is proportional to the average power in a timeslot that ends at that specific
moment. A more general application is the determination of the power spectral
density of a signal within a certain time slot. In these applications, the resolution
of the ADC might be reduced without increasing the sampling rate. Refering
to figure 1.5, we see that this is attractive from a ’power consumption point of
view’, especially if the resolution can be reduced drastically. In the remainder of
this thesis, we will refer to quantization where the resolution has been reduced
drastically (say below 5 bits) as coarse quantization.

Because of the quantization of analog signals into digital signals, an error is
introduced. This error is called ’quantization error’. The power of the quantization
error depends on the resolution of the ADC. If the resolution is high, the power
of the quantization error is low. In case of coarse quantization, the power of
the quantization error is relatively high. Another effect is that in case of high-
resolution quantization, the quantization error has no correlation to the original
signal. In case of coarse quantization, there is a relation between the original
signal and the quantization error. This is illustrated in figure

In the left column we see, from top to bottom, the original sinusoidal signal,
the quantized signal and the quantization error, in case of 16 bit quantization. We
see that the quantization error shows noise-like behavior and is therefore often
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Figure 1.7: Effects of quantization for different resolutions

called quantization noise. One of the main properties of the quantization noise
is that it is uncorrelated with the original signal. There is no correspondence
or resemblance with the original signal. So, quantization just adds noise to the
original signal and there are standard rules for calculating the SNR of the signal
after quantization (see section|5.3.3.1). In the right column of figure'1.7, we again
see the original signal at the top and below we see the quantized signal and the
quantization error in case of 3 bit coarse quantization. If we concentrate on the
quantization error, it is clearly visible that there is correlation between the error
and the original signal and that the error is not a noise-like signal. Because of this
effect, coarse quantization introduces errors in determining signal characteristics.
For example, if a Total Power Detector is preceded by a coarsely quantizing ADC,
the measured power level will not be correct. So, reducing the resolution will
basically have 2 effects (see for an example section|5.3.3.1):

e The noise on the measured signal characteristic will increase.

e There will be a systematic error on the measured signal characteristic.

Depending on the application, the increased noise level might be acceptable
and the systematic error might be known. In these cases, reducing the resolution
of the ADC simplifies its design resulting in smaller chip areas and consequently,
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lower production costs. Reducing the resolution also reduces the power consump-
tion as can be see from figure [1.5. From this figure it is clear that reducing the
resolution as much as possible, leads to the lowest possible power consumption.

In many applications, the power of the quantization errors should be small
compared to the original signal. In these cases the resolution should be suffi-
ciently high. For example, quantization of audio signals should be done with rel-
atively high resolution (14 bits) to preserve quality. For these applications, coarse
quantization is not an option.

For applications where increased noise levels are acceptable, coarse quantiza-
tion might be an option. However, the systematic error introduced by coarse quan-
tization needs to be known. For many applications these effects are not known
and are not simple to deduce. For a very specific application, crosscorrelation of
single-bit quantized noise signals, the effects of coarse quantization are known
(see [15]) and coarse quantization can be exploited.

The difficulty in analyzing its effects has prevented the application of coarse
quantization without increasing the sampling rate, on a large scale. There is
one major exception: Radio Astronomy receivers. Within Radio Astronomy re-
ceivers, the signals to be quantized show noise-like behavior and the effects of
coarse quantization can be adequately determined. Furthermore, the effects of
the increased noise levels can be reduced by longer integration times (using more
samples). An example is the receiver system of the Westerbork Synthesis Radio
Telescope which is equiped with 2-bit quantizers (see section 8.1).

Summarizing, for many applications, coarse quantization without increasing
the sampling rate is not an option because increased noise levels are not tolerable.
For those applications where increased noise levels might be acceptable, the ef-
fects of coarse quantization on a system level are not always exactly known and
are difficult to analyze.

On the other hand, coarse quantization has significant advantages from a real-
ization point of view like lower production costs and less power dissipation. So,
from this point of view, it is desirable to, at least, consider coarse quantization.
Because coarse quantization has effects at system level, it has to be considered
during the system design. A system design methodology should therefore facili-
tate an explicite analysis of coarse quantization.

1.4 Design methodologies

The purpose of this section is to identify a design methodology that facilitates the
explicit analysis of coarse quantization at system level. A design methodology
is defined as a working set of design methods and use of associated design tools

([16]).
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The increasing system complexity and the commercial emphasis on shorter
design times has led to system design methodologies and supporting tools. Sys-
tems often consist of an analog part and a digital part and the digital part on its turn
consists of hardware and software. So, during the system design, three different
expertises (analog, digital hardware and software) are involved. The basic goal
of a design methodology is to guide the activities within the three expertise areas
in such way that it leads to an optimal design using the available resources effi-
ciently. Basically these methods assist to determine how the system functionality
should be divided over the analog part, the digital hardware and software.

In the early 1990s, a need for a design methodology and accompanying tools
arose for systems whose functionality is determined by (digital) hardware and
software. Several methods and corresponding tools were developed and they are
labeled as Hardware-Software Codesign methods and tools. A good overview of
developments within Hardware-Software Codesign is found in [17].

More recently, the first steps towards Analog-Digital Codesign are taken. The
difficulty in Analog-Digital Codesign is to cosimulate the analog and digital parts.
This is even more difficult in case sections of the analog part operate at RF fre-
quencies. Computer Aided Design tool vendors are developing tools for Analog-
Digital Codesign. Mentor Graphics has announced a tool for co-simulation of the
analog and digital parts. Cadence recently presented a platform which acts as a
base for different tools from both the analog and digital domain. The platform
eases the exchange of information between the different domains. These tools
support a more or less bottom-up approach of Analog-Digital Codesign. First a
design is created and the tools support the analysis of the created design. Based
on the results, the design is adapted. This can be iterated until the design meets
the specifications.

A top-down approach or system-level synthesis, was first developed for Hard-
ware-Software Codesign (see and [19]) and recently extended to mixed-
signal systems (see [20], [21], [22] and [23]). Within Hardware-Software Code-
sign, there are tools and languages for the specification, allocation and partitioning
of functionality onto hardware and software. Allocation is defined as the ‘selec-
tion of the type and number of components as well as the determination of their
interconnection in such way that the functionality of the system can be imple-
mented, the constraints are satisfied and the objective cost function is minimized’
([18]). Partitioning defines ‘the mapping between the set of behaviors in the spec-
ification and the set of allocated components in the selected architecture’ (also
[18]). In the remainder of this thesis, we will refer to *Allocation’ as ’Architec-
ture Specification’ and to "Partitioning’ as "Mapping’.

One of the main topics within the top-down approach is to describe the system
behavior in a structured and abstract way, more precisely, in a single language.
Describing functional behavior in software languages biases the implementation
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in favor of software, while hardware languages like Verilog and VHDL bias re-
sults toward hardware ([17]). New system-level design languages like SystemC
([22]) have been developed to overcome these problems. SystemC is a set of C++
classes and methods that provides a means to describe the structure and behav-
ior of hardware/software systems from abstract to register transfer level (RTL)
models. The most powerful feature of SystemC is that it enables the descrip-
tion of concurrency and parallelism. However, SystemC lacks a standard support
for analog and mixed-signal systems, or more generally, for the modeling and
simulation of continuous-time systems and so of mixed continuous-time/discrete-
event systems. For that reason a SystemC-AMS Study Group has been formed to
develop analog and mixed-signal (AMS) extensions to SystemC. This work has
begun only recently and the result of a first attempt to develop a consistent set of
functional specifications for SystemC-AMS are reported in [23].

Summarizing, (digital) Hardware-Software Codesign is an expertise which has
somewhat matured since the early 1990s and tools are available. Analog-Digital
Codesign is an expertise area which still has to be opened and first initial steps to
develop tools have been made.

Until now we have basically concentrated on (simulation) tools and tools for
top-down system level synthesis. We have not yet dealt with design method-
ologies. The different methodologies can basically be categorized into two ap-
proaches: the sequential approach and the iterative approach. The sequential de-
sign methodology is described in [16], [19], [23] and [21]. The iterative design
methodology is described in [24], [25] and [26]. Both methodologies will be de-
scribed below.

1.4.1 Sequential design methodology

The sequential design methodology is using the Specify-Explore-Refine (SER)
design paradigm ([19]). In [20] an explicit verification stage after the refinement
is proposed. The resulting methodology is therefore using the Specify-Explore-
Refine-Verify (SERV) paradigm. The four different steps are explained below:

e Specify: The functionality of the aimed system is decomposed creating a
conceptual model. Preferably, a language should be used which facilitates
simulation and verification of the system. This process results in a func-
tional specification which does not contain implementation details.

e Explore: In the exploration phase, design alternatives are explored. The
initial specification is transformed into an implementation oriented speci-
fication. System components are allocated and their performance metrics
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are defined. These performance metrics relate to both functional and non-
functional metrics like costs, energy and execution time. Then the func-
tional specification is partitioned among the system components.

e Refine: The initial specification is refined. This refined specification is
based on the design decisions taken in the exploration phase and the con-
sequences of implementation details on the functional behavior is reflected.
The aim is a system-level description which is mainly functional, posessing
those characteristics that result from implementation choices. The func-
tional behavior of this refined model should satisfy the functional require-
ments of the intial model.

e Verify: In the verification phase, the functional behavior of the refined
model is checked against the functional requirements of the initial model.

The SERYV activities are followed by the final hardware- and software design.
Tools are developed to support this approach for Hardware-Software Codesign
([19]) and for Analog-Digital Codesign ([20], [21] and [22]).

The SERV paradigm imposes a more or less top-down approach during the
system level design phase and the design exploration. It enforces to complete and
freeze the specification before the exploration phase can start. The final stage is
a pure verification stage. It is meant to check whether the resulting specifications
meet the primary specification. According to this methodology, there is no ex-
plicit adaptation of the original (purely functional) specifications, based on the
exploration results. However, a very good solution which nearly satisfies all re-
quirements is very often acceptable. In practice, the initial requirements will then
be stretched. The SERV paradigm does not support this explicit feedback to the
initial requirements. It therefore is more suited for the design of systems with a
fixed application and stringent requirements.

1.4.2 Iterative design methodology

An approach which explicitely addresses the possibility to jointly optimize the
requirements of the application and the implementation, is the Y-chart approach
(see [24], [25] and [26]). The Y-chart approach is illustrated in figure|1.8.

A clear distinction is made between applications and architectures ([26]). By
means of an explicit mapping stage, the target application is mapped onto the can-
didate architecture. The performance of a mapped application is evaluated quan-
titatively in the performance analysis stage, resulting in performance numbers.
Based on the performance numbers, the designer may decide to change either the
architecture, the requirements of the application or the mapping, after which a
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Figure 1.8: The Y-chart approach

new performance analysis will follow. This approach is also useful in cases where
a platform (architecture) has to be defined, suitable for a set of applications.

1.4.3 Comparison of design methodologies

Within both methods, the SERV paradigm and the Y-chart approach, the neces-
sary steps for the system level design are described and it is indicated in which
order these steps have to be taken. Some steps are not explicitely mentioned in
one methodology while they are mentioned in the other (e.g. architecture speci-
fication is mentioned in the SERV paradigm but not in the Y-chart approach) and
some similar activities are given different names (e.g. the allocation process in the
SERV paradigm relates to the mapping process in the Y-chart approach).

To express the difference between the two approaches, we have to represent
the SERV and Y-chart approach in a uniform way. This is illustrated in figure/[1.9|

On the right upper side we see the specify phase (SERV paradigm). It consists
of a "Functional Specification’ activity which results in an ’Application’ (Y-chart
approach). On the left upper side we see the explore phase (SERV). An ’Ar-
chitecture Specification’ activity (SERV) results in an ’Architecture’ (Y-chart).
The *Application’ is mapped onto the ’Architecture’ (Y-chart). As already men-
tioned, "Mapping’ is similar to *Allocation’ (SERV). A ’Performance Analysis’
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Figure 1.9: Uniform representation of the SERV paradigm and Y-chart approach
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of the mapped application results in *Performance Numbers’. According to both
approaches, the *Architecture Specification’ and *Mapping’ stages of a next it-
eration might be influenced by ’Performance Numbers’. However, within the
Y-chart approach, explicit feedback from ’Performance Numbers’ to the *Func-
tional Specification’ activity is allowed while this option is not indicated in the
SERV paradigm. The Refine and Verify phases (SERV) are not addressed ex-
plicitely in the Y-chart approach. The SERV paradigm is therefore more tailored
towards system level design and the Y-chart approach towards system level design
exploration.

1.4.4 Analog-Digital Codesign methodologies

Until now, we have dealt with design methodologies in a very general sense. The
question that arises is: How can the two design methodologies support the de-
sign exploration of mixed-signal systems and more specifically, of mixed-signal
systems using coarse quantization?

The system level design of mixed-signal systems using the SERV paradigm is
described in [20]. It is proposed to first partition the application into an analog-
and digital part and then start two ‘explore’ phases, one for the analog part and
one for the digital part. This is indicated in figure|1.10!

The additional * Analog Digital Partitioning’ activity determines which part is
realized in the digital domain and which part in the analog domain. In the design
of the analog part, the quality of the signals has to be considered continuously.
The quality is characterized by the Signal-to-Noise Ratio (SNR) of the signal and
the spectral contents. In the design of the digital part of a mixed-signal system,
the quality of the signal representation is of much less concern. The aspect that
is important for the representation of signals is the number of bits because per-
formance characteristics like power consumption, chip area and costs, depend on
it. In many applications, the representation format is over-dimensioned, liberating
the designer from continuously monitoring signal quality during the design pro-
cess. For that reason, two separate design disciplines have arisen: analog design
and digital design. The sequential design methodology using the SERV paradigm
is based in these two separate design disciplines. The resolutions of the ADCs and
DAC:s in the mixed-signal system have to be determined based on the Analog Dig-
ital Partitioning. The resolution of the converters is not an explicit design param-
eter which can be tuned to optimize the result of the mapping phase. In practice,
it will be tempting to use converters with (too) high resolution to avoid the influ-
ence of quantization. Furthermore, there is no explicit feedback from the analog
and digital performance numbers to the Analog Digital Partitioning and functional
specification, which prevents the analysis of quantization effects. Another disad-
vantage of the SERV paradigm is that there are separate exploration phases for
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Figure 1.11: Analysis of coarse quantization using the Y-chart approach

the analog and digital design. Within these phases, there is optimization, based on
performance numbers. However, there is no explicit coupling between the analog-
and digital design. This prevents the joint optimization of the analog- and digital
parts. Our conclusion is that the SERV paradigm does not explicitely encourage
the use of coarse quantization. For that reason, we do not use the SERV paradigm
to investigate the usefulness of coarse quantization in mixed-signal systems.

Within the Y-chart approach, architecture specification and mapping are pure
system design activities where analog- and digital design teams have to cooperate
to define the alternative architectures and to map the functionality onto these al-
ternatives. In the Y-chart approach, the analog and digital design teams are forced
to cooperate instead of being coexistent. The system level design of mixed-signal
systems truly becomes Analog-Digital Codesign.

When using the Y-chart approach in combination with coarse quantization,
the resolutions of ADCs and DACs can be choosen as explicit design parameters.
Using different resolutions in the architecture specification activity results in alter-
native architectures (see figure [1.11). These architectures can be analyzed within
one iteration of the Y-chart approach.
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The application can then be mapped onto the set of architectures. After the
performance analysis, the designer can decide to change the set of architectures,
change the specification of the application and/or change the mapping.

Based on the previous analysis we can draw two conclusions:

e The Y-chart approach explicitely supports the analysis of the effects of
coarse quantization in the Analog-Digital Codesign process.

e The Y-chart approach allows feedback from performance numbers to the
functional specification. During the architecture specification (in which dif-
ferent resolutions are chosen, resulting in different architectures) the effects
of coarse quantization are not yet clear and it is not clear whether the spec-
ifications of the application will be met. An architecture which nearly sat-
isfies all requirements might be acceptable which means that, based on the
performance numbers, the application has to be respecified.

1.5 Problem Statement

In section/1.1, we have identified that the performance of mixed-signal systems is
limited by the performance of data converters, especially Analog-to-Digital Con-
verters. We have also seen that ‘Moore’s law’ will certainly not solve this problem.
On the contrary, the performance of digital systems will increase more rapidly
than the performance of the analog system.

For specific applications, there is a way to escape from this situation: coarse
quantization without increasing the sampling rate, see section|1.3. These specific
applications are characterized by the fact that their aim is to determine accurate
signal characteristics rather than using accurate digital representations of instan-
taneous values of signals.

In section /1.4 we have identified an Analog-Digital Codesign methodology,
the Y-chart approach, which supports the design exploration of mixed-signal sys-
tems using coarse quantization.

The main hypothesis of this thesis is that coarse quantization is a useful tech-
nique to improve the performance of mixed-signal systems whose aim is to deter-
mine signal characteristics. We will illustrate the usefulness of coarse quantiza-
tion by means of two case studies. In these case studies, we will do a system level
design exploration using the Y-chart approach.
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1.6 Introduction of the case studies

The two case studies are: the design of a digital predistorter for a Power Amplifier
and the design of a digital Tied Array Adder (TAA) for a multi-element Radio
Astronomy receiver.

1.6.1 Case study 1

Modern communication systems use sophisticated modulation techniques like
QPSK, 64-QAM or multicarrier configurations (e.g. OFDM) in order to ob-
tain high data rates and spectral efficiency. These modulation techniques require
highly linear transmitters and receivers. Especially basestation-transmitters have
to satisfy stringent linearity requirements. In basestation transmitters, signals from
many users are multiplexed onto a single channel, leading to a signal with large
peak signal excursions compared to the average signal level (large peak-to-average
ratios). For terminals, this is less severe since the signal of only one user has to be
transmitted leading to smaller peak-to-average ratios. In this case study, we there-
fore concentrate on basestation-transmitters. Designs of basestation-transmitters
are generally expensive and power-inefficient. The last stage of a transmitter is the
Power Amplifier (PA). The output power of a PA is relatively high. For example,
for a PA in a UMTS basestation, typical output powers range between 20 to 50
Watts, where the PA gain is about 25 dB. A PA ideally has a linear transfer char-
acteristic; the output is a constant factor times the input. In reality, a PA shows
non-linear behaviour. When a non-linear PA is excited with a modulated carrier
there are two effects. First, the spectrum of the signal will be expanded into ad-
jacent channels causing Adjacent Channel Interference (ACI). Adjacent channels
are those parts of the spectrum, allocated to other users. Second, spurious signals
within the band of interest will complicate the detection of original signals at re-
ceivers which results in higher Bit Error Rates (BER). As an example, two spectra
are presented in figure|1.12.

The relative power spectral densities of the original signal at the input of a non-
linear amplifier and of the distorted signal at the output are given as a function of
frequency, relative to the carrier. When looking carefully at the power within the
original signal band (the primary channel), a small difference between the two
spectra can be seen. Within the Adjacent channels, the increased power levels can
easily be seen.

To limit the distortion, several linearization techniques exist. One of these
techniques is predistortion. In figure we consider a simplified model of pre-
distortion in combination with a PA.

Vi, is the input voltage of the predistortion-amplifier combination, V,,, the out-
put voltage. G is the linear gain of the amplifier and g(V) the non-linear transfer
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Figure 1.13: Simplified model of predistortion in combination with a PA
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Figure 1.14: Predistortion with feedback

function (distortion). The general idea of predistortion is to distort the signal V;,
with the inverse of the amplifier distortion g~' (V). The combination of predistor-
tion and non-linear amplification by the PA results in linear amplification:

Vour =G -g(g7' (Vi) =G - Vs (1.1)

Unfortunately, the non-linearity of the PA changes in time e.g. due to temperature
changes and aging. For that reason, during operation, the input and output of the
PA have to be continuously monitored to track the changes in its behavior (see
figure(1.14).

By comparing the signal at the input of the PA with the signal at the output, the
non-linearity of the PA is continuously estimated and the predistorter is updated
accordingly. There are several algorithms to estimate the non-linearity of the PA.
Two recent examples can be found in [27] and [28]. These algorithms deal with
predistortion in the digital domain. The Predistortion and Predistortion Control
blocks in figure|1.14/are realized by digital logic. Since the PA operates on analog
signals, the signals from the Predistortion block to the PA have to be converted
from the digital domain into the analog domain and the output of the PA has to be
converted from the analog domain into the digital domain. The algorithms men-
tioned above were designed without paying attention to the design of the feedback
path and the ADC within it.

In this case study, we do not concentrate on the Predistortion block. It gener-
ally is implemented as a look-up table in Random Access Memory (RAM). We
concentrate on the complexity of the ADC in the feedback path and on the Digital
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Signal Processing algorithm in the Predistortion Control block which estimates
the behavior of the PA and which has to calculate the settings of the Predistortion
block. Our aim is to improve the overall performance of digital predistortion by
introducing coarse quantization in the feedback path. Because the effects of coarse
quantization cannot be determined using standard rules, a thorough analysis needs
to be done and some of the system characteristics can only be determined after the
analysis. We therefore use the Y-chart approach to guide the system level explo-
ration. In this case study, we iterate through the Y-chart two times. In the first
iteration we use the algorithm described in [27]. To improve performance num-
bers of the digital part of the system, we design a new digital signal processing
algorithm, the Crosscorrelation predistorter. This algorithm is used in the second
iteration of the Y-chart approach.

1.6.2 Case study 2

Our second case study has its origin in a completely different application domain:
Radio Astronomy receivers. Telecommunication and Radio Astronomy have op-
posite interests concerning the use of the electromagnetic spectrum. The spectrum
available to the operators of telecommunication networks, determines the data that
can be transported. The more spectrum that is available, the more data can be
transported leading to higher turnovers of the operators and telecommunication
equipment manufacturers. If these companies are managed decently, this should
lead to higher profits.

The interests of the telecommunications industry conflicts with the interest
of Radio Astronomy. The more spectrum there is available to telecommunica-
tion, the less spectrum there is available to Radio Astronomy. Spectrum alloca-
tion matters are discussed at World Radio Conferences, usually every two years.
The conferences are part of the ITU-R (International Telecommunication Union
- Radiocommunications Standardization Sector, [29]). Furthermore, maximum
interference levels like Adjacent Channel Interference levels, are specified, also
protecting Radio Astronomy observations.

Another difference between the first and the second case study is that in the
first case study we investigate the design of a linear transmitter and in the second
case study we investigate the design of a linear receiver.

Within Radio Astronomy, radio emissions (roughly wavelengths between mil-
limeters and meters) are used to obtain images of celestial objects. Radio emis-
sions are captured by Radio telescopes. There are several ways to characterize
Radio telescopes. For the scope of this thesis, we identify two groups: single
dish and multiple-dish. For observations at a certain frequency, single dish tele-
scopes process the signal from a single receiver while multiple dish telescopes
combine signals from multiple receivers. Single dish telescopes are, for exam-
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Figure 1.15: Modes of operation for Radio telescopes

ple, the telescopes in Arecibo, Puerto Rico ([31]), Effelsberg, Germany ([32]),
Parkes, Australia ([33]) and Green Bank, USA ([34]). Images are constructed by
measuring the power received from different directions (power detection).

The most prominent multiple-dish telescopes are the Westerbork Synthesis
Radio Telescope (WSRT) in the Netherlands ([35]), the Very Large Array in the
USA ([36] and [37]), the Australia Telescope Compact Array ([38]) and the Giant
Metrewave Radio Telescope in India ([39]). The techniques used to construct
images using the signals from the different dishes in a multiple dish receiver are:
interferometry and aperture synthesis (see [40]).

A special form of interferometry is Very Large Baseline Interferometry (VLBI).
In VLBI, radio telescopes which are geographically far apart, form a single tele-
scope. The European VLBI Network (EVN, see [41]), for example, consists of
the WSRT, operated as a single-dish telescope and 17 other telescopes amongst
which the telescope in Effelsberg. Other similar networks are MERLIN, the Multi
Element Radio Linked Interferometer Network, an array of radio telescopes dis-
tributed around Great Britain (see [42]) and the VLBA, the Very Long Baseline
Array, a series of ten radio telescopes spread across the United States (see [43]).

Apart from the construction of astronomical images, radio telescopes are used
for other types of astronomical observations. Two examples are the determination
of the timing of bursts of electromagnetic energy received from pulsars (see [44])
and the determination of the timing of y-ray bursts. Single-dish telescopes record
the power received by the Radio telescope as a function of time. For multiple-
dish telescopes, the spatial information, obtained through the individual dishes,
is not relevant in this case and in general, the signals from the different dishes
are summed to increase the SNR. The device which is summing the signals from
different telescopes is called "Tied Array Adder’ (TAA). Summing the signals
from different dishes is also common practice when a multiple-element telescope
is part of a larger VLBI network. The different modes of operation for single-dish
and multiple-dish telescopes are summarized in figure[1.15.

In this thesis, we will concentrate on the design of a TAA for the WSRT. The
WSRT is an array of 14 single-dish antennas located in Westerbork, the Nether-
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lands. The principle of operation of the WSRT can be found in [45], the general
lay-out and mechanical aspects in [46]. A schematic overview is given in figure
1.16.

In the top-part, we see the physical layout, in the bottom-part, the correspond-
ing functional layout. Every antenna contains a frontend. A frontend consists of a
Low-Noise-Amplifier (LNA) and an RF to IF conversion stage including the nec-
essary filters. The IF signals are transported to a central building where a backend
further processes the signals (see [47]). The signals are first converted from IF to
Baseband. The analog baseband signals are sampled and coarsely quantized with
one or two bits resolution. The digital signals undergo different programmed de-
lays to compensate the pathlength differences for the different antennas (see sec-
tion|7.3.2). The digitized and delay-compensated signals are further processed by
a real-time correlator. The results produced by the real-time correlator are stored
and can be used for offline aperture synthesis by General Purpose Computers.

To support the European VLBI Network (EVN) and to enable, for example,
pulsar observations, the WSRT can be used as a phased array where the signals
from the different telescopes are summed by a TAA. In this second case study, we
will use the Y-chart approach to analyze two different options for the realization
of a TAA. In the first iteration, we will explore a completely analog TAA. In the
second iteration, we analyze a digital TAA using the coarse quantization stages
of an existing Back-end. In the design of the TAA using coarse quantization, the
Y-chart approach is necessary to explore the different options in a structured way.
There are no standard rules for calculating the effects on the sensitivity of the
TAA. Specifications concerning sensitivity can only be determined after perfor-
mance numbers are available. So, we explicitely use the feedback option, given
by the Y-chart approach, from ‘Performance Numbers’ back to the ‘Functional
Specification’ (see figure|1.11). This second case study is more or less an exercise
in retrospect. The design of the digital TAA, as described in the second iteration,
started already in 1995. Suggesting a completely analog solution including ana-
log pathlength compensation would have been considered a ridiculous act at that
time. Furthermore, a basic analysis of coarse quantization in TAA configuration
was already available (see [48]).

However, ‘redoing’ the design of the TAA using the Y-chart approach, sug-
gesting an analog solution and introducing coarse quantization is a useful exer-
cise. The analysis of the effects of coarse quantization becomes an explicite stage
in the design process. Since the analysis is not straightforward, it is relatively time
consuming and one can anticipate on this in planning the design of new systems
using coarse quantization. Furthermore, the Y-chart approach forces the designer
to document the advantages and disadvantages of the analog and digital solutions
which helps in understanding the background of the system specifications.
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Figure 1.16: Schematic overview of the WSRT
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1.7 Organization of the thesis

In this chapter, we have analyzed the evolution of the performance of digital and
analog systems and subsystems in section|1.1. We have seen that the performance
of digital systems is increasing more rapidly than the performance of analog sys-
tems. As a consequence, more and more functionality within mixed-signal sys-
tems is shifted from the analog domain to the digital domain. Another way to
benefit from the increasing digital performance is digitally assisted analog (sec-
tion/1.2). We also identified a trend that users require more and more data.

In all cases mentioned above, the performance mismatch between the analog
part and the digital part of a mixed-signal system results in high performance re-
quirements for data converters, especially for ADCs. In section we have seen
that in systems where signal characteristics have to be determined rather than the
instantaneous values of a signal, coarse quantization is a way to reduce complex-
ity of ADCs. However, the analysis of coarse quantization is not straightforward
and there are no general design rules to determine its effects. For that reason we
need an Analog-Digital Codesign methodology that facilitates the introduction
and analysis of coarse quantization. Because the effects of coarse quantization are
not known exactly during the functional specification phase, the design method-
ology should provide explicite feedback from the analysis results (performance
numbers) to the functional specification.

In section 1.4/ we have identified two basic design methodologies: the sequen-
tial design methodology (SERV paradigm) and the iterative methodology (Y-chart
approach). We also developed a uniform representation in which both methodolo-
gies can be identified. From this uniform representation, the differences can be
seen clearly. The sequential design methodology describes the whole system level
design process while the iterative methodology concentrates on the system level
design exploration. Furthermore, the sequential design methodology does not pro-
vide explicit feedback to the functional specification while the iterative methodol-
ogy does. Concluding, we need to use the iterative design methodology (Y-chart
approach) to explore the usefulness of coarse quantization in mixed-signal sys-
tems.

The applicability of coarse quantization will be illustrated by means of two
case studies. The first case study deals with digital predistortion of power ampli-
fiers and is introduced in section|1.6.1. The second case study concerns the design
of a digital TAA and is introduced in section|1.6.2.

In chapters [2,(3,4,[5 and 6] the first case-study is described. In chapters |7,
and |9, the second case-study is elaborated. In chapter (10, some conclusions and
suggestions for future work will be given.
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Chapter 2

Digital predistortion of Power
Amplifiers

This chapter is an introduction to the Analog-Digital Codesign of a digital predis-
torter for Power Amplifiers (PAs) using the Y-chart approach. The first steps are:
the "Functional Specification’, the *Architecture Specification’ and the ’"Mapping’
(see figure[1.11). To support the subsequent steps, the *Performance Analysis’ of
the analog part, the digital part and the overall system, a simulator was developed.
This simulator is described in chapter|3. The first iteration of the Analog-Digital
Codesign of a digital predistorter for PAs was based on an existing predistortion
scheme which will be called the LS predistorter. The LS predistorter is named
after the Least Squares criterion that is used to determine the non-linear behavior
of the PA. The design of the LS predistorter is described in chapter|4. Based on
the evaluation of the LS predistorter, an alternative is developed: the Crosscorre-
lation predistorter. The design of the Crosscorrelation predistorter is described in
chapter|5, In chapter 6, we validate the results, obtained through simulation, with
measured data provided by Philips Semiconductors.

In this chapter, we will introduce the general concept of digital predistortion
of Power Amplifiers.

2.1 Introduction to digital predistortion

One of the characteristics of modern, spectrally efficient transmission formats like
Wideband Code Division Multiple Access (WCDMA) and Orthogonal Frequency
Division Multiplexing (OFDM) is that, for the downlink application, within one
transmitter the signals from multiple users are multiplexed onto a single channel.
Downlink indicates the transfer of information from basestation to terminal. The
resulting signals show large peak signal excursions compared to the average level.
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Peak-to-average ratios of 12 dB (a factor of approximately 16 in power, a factor
4 in amplitude) occur for both WCDMA (see [49]) and OFDM (see [50]). In the
uplink (from terminal to basestation), signals from a single user, on average, show
smaller peak-to-average ratios.

For both the down- and uplink, there are stringent requirements concerning
the power to be transmitted at different frequencies. In general, power should be
concentrated in a frequency slot or channel, while the power outside this channel
should be limited. Power outside the assigned channel interferes with the signals
transmitted by other users using these adjacent channels and is called Adjacent
Channel Interference (ACI). Spectral masks have been defined by regulatory bod-
ies to specify allowed ACI levels. Some spectral masks are presented in section
4.2.1. Regulatory bodies that are involved in the definition of the different masks
are the European Telecommunications Standards Institute (ETSI, [51]), the Fed-
eral Communications Commission (FCC, [52]) in the U.S and the International
Telecommunication Union (ITU, [29]). Within the ETSI and the FCC, telecom-
munication standards and corresponding spectral masks for Europe and the U.S.
respectively, are elaborated and defined. The ITU coordinates the global use of
the electromagnetic spectrum.

The design of a transmitter should guarantee that the power-requirements within
and outside the assigned frequency slot, are satisfied.

In section|1.6.1, it is indicated that the last part of a telecommunication trans-
mitter is a Power Amplifier (PA). In traditional systems, the signal at the input
of the PA satisfies the applicable spectral mask. The PA amplifies the signal in
such way that the output signal still satisfies the requirements concerning the ACI
levels. To achieve this, the PA should be linear. If a PA with non-linear behavior is
fed with a signal with high peak-to-average ratio, severe distortion is introduced.
Distortion within the band of transmission degrades signal detection at the receiver
because it is part of the signal received at the other end of a communication link.
This distortion cannot simply be removed by spectral filtering. For that reason, it
can be regarded as noise, decreasing the SNR at the receiver. This will eventually
lead to higher Bit Error Rates. Distortion outside the band of transmission (ACI)
should be limited and therefore, the allowed non-linearity of the PA should be
limited.

In general, PAs within telecommunication transmitters are costly because of
the stringent requirements concerning non-linearity. Several techniques have been
investigated to relax the linearity requirements of PAs while still satisfying the
requirements concerning distortion. These techniques can roughly be categorized
into: feedforward, feedback, LINC/CALLUM and predistortion. We will briefly
describe these different techniques below.

A block diagram of a feedforward amplifier is given in figure(2.1.
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Figure 2.1: Block diagram of a feedforward amplifier

The PA is fed with the input signal x. The linear gain of the amplifier equals G
and distortion € is produced. A fraction of the PA output signal is tapped off and
attenuated with a factor G. From the resulting signal x + %, the original signal x
is subtracted after which the signal § is amplified with a factor G by amplifier A.
Note that the power of £ is much less then the power of x. Amplification of £ with
a factor G is therefore much easier to realize than the amplification of the original
signal x with a factor G. The last stage subtracts the error signal from the output
of the PA. This solution operates in the analog domain at Radio Frequencies (RF)
and suffers from phase-, delay- and amplitude-imbalances. These imbalances are
temperature dependent which further complicates the design of feedforward am-
plifiers. Furthermore, the power combiner is a critical element in the design of
feedforward amplifiers. More information concerning feedforward amplifiers can
be found in [30].

An alternative to feedforward is feedback. When using feedback, the error
signal is subtracted from the input and not from the output of the PA (as in feed-
forward PAs). This is illustrated in figure[2.2.

x + 7=Xx- =Gz+e€
— + Py PA Y

By 5

Figure 2.2: Block diagram of a feedback amplifier

A fraction (B) of the output of the PA is tapped off and subtracted from the original
signal x. The resulting signal z is fed to the PA. In case no feedback is used (8 = 0),
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the following holds:
y=Gx+e 2.1)
In case feedback is used (8 > 0):
y=Gx-py) +€ 2.2)
which leads to:
G 1
y= X+ € (2.3)
1+Gp 1+Gp

It is clear that the distortion is reduced with a factor (1 + Gf). The gain of the
original signal is reduced with the same factor. If the loopgain Gg is large, the
gain of the original signal becomes é. The gain of the PA must be high to obtain a
high resulting gain é and a low distortion. The problem with feedback PAs, used
in wideband applications, is to have sufficient loopgain GB over the complete
bandwidth. For high frequencies, the loopgain becomes too small.

Two other techniques are LINC and CALLUM. LINC stands for Linear am-
plification with Non-linear Components. LINC is illustrated in figure 2.3

X
— pAL > +
x Signal y
E—— +
Separator
| PA2 +
X2 Y2

Figure 2.3: Block diagram of LINC

The general idea is to split the original signal x into two components x; and x,.
Both components are amplified separately by two PAs and after amplification,
the resulting signals y; and y, are combined into the output signal y. There are
different options when using the LINC technique. One option is to use a simple
power splitter as a signal separator (x; = x;) and use two matched PAs. These
two PAs are selected in such way that the distortion generated by PA1 cancels
the distortion generated by PA2. A second option is to split the original signal x,
which has a fluctuating envelope, into two signals x; and x, which have a constant
envelope. This way, the two individual PAs can be used more efficiently. After
amplification, the signals are combined. More information concerning the LINC
technique can be found in [53].
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The LINC technique is further elaborated into the CALLUM technique (Com-
bined Analogue Locked Loop Universal Modulator). The basic configuration of a
CALLUM PA is given in figure(2.4.

X1 h
> vCo b 2

Quadrature + Yy
RF to Baseband

+
i VCO b
—_— yz

X0

Figure 2.4: Block diagram of CALLUM

In contrast with the previous techniques, CALLUM requires a complex in-
put signal. At the input, the in-phase signal (x;) and the quadrature-phase (xp)
components of the complex input signal are compared with two feedback signals.
These two feedback signals are the in-phase and quadrature-phase baseband rep-
resentations of the output signal. The difference between the in-phase components
is used to control a constant-amplitude Voltage Controlled Oscilator (VCO). By
changing the voltage at the input of the VCO, the frequency of the output signal
is changed. This signal is exciting one of the PAs.

The difference between the quadrature-phase components is used to control a
second VCO. This signal is amplified by a second PA. The sum of both PA out-
puts is the final output of the CALLUM amplifier. By means of the two control
loops, the output signal is the sum of two constant-amplitude signals with dif-
ferent frequency characteristics. For more information concerning the CALLUM
technique, we refer to [54].

The disadvantages of the LINC and CALLUM techniques are that they are
sensitive to phase and amplitude imbalances and use two PAs together with a
power-combining network instead of a single PA.

A general characteristic of the solutions mentioned above is that analog com-
ponents are added to compensate the non-linear behavior of the PA. Both the
’compensation circuits’ and the PA are sensitive to temperature changes and ag-
ing. This can lead to instabilities. A solution which is less sensitive to temperature
changes and aging is digital predistortion. The general principle of predistortion
is to apply the inverse of the non-linear part of the input-output relation of the
PA to the signal at the input of the PA. Predistortion followed by the PA (and its
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inherent distortion) should result in linear amplification. Predistortion can be ap-
plied in the analog domain (see [55]) or in the digital domain (see [56]). In digital
predistortion, the digital baseband signal x is predistorted before it is converted to
the analog domain, frequency translated to Radio Frequencies (RF) and amplified.
(see figure[2.5).

Yrf

rf PA R

—= Predistortion Digital to RF

Figure 2.5: Block diagram of Digital Predistortion

Because the input-output relation of the PA changes in time due to temperature
changes and aging of components in the analog part, the predistortion has to be
controlled. A control mechanism constantly adapts the Predistortion block via the
Predistortion Control block, see figure|2.6.

X ) . Xp .. Xrf
Predistortion Digital to RF PA =
Predistortion y o Vrf
Control RF to Digital

Figure 2.6: Block diagram of Digital Predistortion with feedback (Alternative 1)

A small fraction of the PA output y, is fed back. By means of a bandpass
filter, the frequency components around the carrier frequency are selected and
converted from RF to digital baseband, resulting in the signal y. The selection of
the relevant frequency components and the effects of the conversion from RF to
digital baseband will be dealt with in more detail in section|4.2.2.2
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There are two methods to control the predistortion. In the first alternative an
adaptation algorithm within the Predistortion Control block compares the signal y
with the input x, as indicated in figure 2.6. This solution is called Alternative 1.
In the second alternative, an adaptation algorithm compares y with the output x,
of the Predistortion block, see figure|2.7.

X X
— Predistortion Digital to RF ! PA S
Xp
Predistortion o Vos
Control y RF to Digital

Figure 2.7: Block diagram of Digital Predistortion with feedback (Alternative 2)

This solution is called Alternative 2.

During the design of Digital Predistortion systems, stability, convergence and
synchronization are important issues. Schemes which fit Alternative 1 can be
found in [57], [58], [59], and [60]. In these schemes, only the combined effect of
the predistortion and the PA is measured. Especially the settings of the Predistor-
tion block at the start-up of the system are important. If these settings are not close
to the ideal settings, the Predistortion Control block might not be able to find the
correct values leading to unstable behavior. Predistorters according to Alternative
2 are more stable because the effects of solely the PA are measured, independent
of the predistortion. For that reason, we will concentrate on Alternative 2.

When using the signals x, and y to determine the behavior of the PA, two dif-
ferent approaches exist: Direct- and Indirect Learning. When using Direct Learn-
ing, the input-to-output relation of the PA at baseband frequencies is determined.
The output of the PA, converted into the digital domain, is expressed as a function
of the input before conversion to analog RF signals: y = g(x,). As mentioned, the
basic idea behind predistortion is to apply the inverse of this relation to the digital
input signal x. For that reason, the relation found (g) has to be inverted. This
inverted relation (g~!) is used to predistort the input signal x. For an example, see
[61]. In general, finding the inverse relation g~', while knowing g, is not trivial,
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requiring complex digital algorithms.

The calculation of the inverse of the relation g is avoided in the Indirect Learn-
ing scheme which was introduced in [62]. An example of predistortion lineariza-
tion based on the Indirect Learning scheme is given in [63]. Instead of expressing
the output of the PA as a function of the input (y = g(x,)), the input is expressed
as a function of the output: x, = f(y). In the ideal case, f() = g7'(). After
determining the relation f, it can directly be used to predistort the signal x.

The PA (in case of Direct Learning) or the predistorter (in case of Indirect
Learning) can be modeled using memory polynomials (see [64]). One can use
‘normal’ polynomials, which are simply the powers of different orders, or orthog-
onal polynomials (see [65]). This will be explained in more detail in section/4.2.2]

2.2 Outlook

In chapters 3} /4 and 5, we will focus on the Analog-Digital Codesign of a digital
predistorter. We will emphasize on the design of the algorithms within the Pre-
distortion Control block in relation to the design of mainly the ADC within the
RF to Digital block. We will concentrate on Alternative 2 and analyze Direct- and
Indirect Learning schemes using normal- and orthogonal polynomials.



Chapter 3

The simulator

In this chapter, we describe a simulator which was built to support the analysis
of different digital predistortion algorithms. First, the structure of the simulator is
given. Then the different blocks within the simulator are described.

3.1 Introduction

Before we start the analysis of different options for a digital predistorter for PAs,
we first describe the general structure of a simulator.

A very important activity within the Analog-Digital Codesign of a digital pre-
distorter for a PA using the Y-chart approach, is the Performance Analysis’ (see
figure [1.11). Within the performance analysis, the architecture-application com-
bination is analyzed. The results of the performance analysis are ’Performance
Numbers’. Basically, two different types of performance numbers need to be
generated. The first type are performance numbers which are related to the imple-
mentation of a predistortion scheme. These numbers indicate the complexity of
the algorithm and they can be used to estimate the execution time of the algorithm
on a specific processor. These implementation-specific performance numbers will
be based on the size of the datastructures that are used and on the actions that are
executed by the predistortion control algorithm. From sections [4.4.4 and |5.3.4
and from appendix |C we can see that we do not need specific tools for generating
these performance numbers. The second type of performance numbers are num-
bers which indicate the performance of the functional behavior, more precisely,
the suppression of the power in the adjacent channels that is achieved. These
performance numbers (suppression of the power in the adjacent channels) are not
obtained that easily. There basically are two options:

e Building an executable model of digital predistortion in combination with a
model of a PA. Because of the large processing power of desktop comput-
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ers nowadays, it is feasible to build these models and simulate the behavior
of both digital predistortion and non-linear PAs. Furthermore, models of
PAs are available and can directly be incorporated into the simulator. The
advantage of this option is that a simulator of digital predistortion of PAs
can be built relatively fast. The infrastructure that is necessary, basically
consists of a desktop computer with simulation support software. One can
build a simulator in a programming language like C or one can use a com-
puting environment like Matlab. However, because of simplifications, the
PA-models never exactly reflect the behavior of real PAs. It is therefore
difficult to predict exactly how a digital predistorter will perform in a final
implementation of a (telecommunication) transmitter.

e Designing and realizing a hardware setup to test digital predistortion in
combination with real PAs. By really designing and implementing the pre-
distorter, including a PA, one can asses the performance in real-life situa-
tions. The step from a hardware setup to a product, using digital predistor-
tion, is smaller than the step from a simulation model to a product. How-
ever, the design and realization of a hardware setup will be time-consuming
and more expensive than building a simulator. More importantly, however,
when building a hardware setup, many aspects and environmental condi-
tions will influence the performance of the predistorter. For example, the
layout of the Printed Circuit Board of the analog (RF) part and the location
of cables will influence the behavior of the PA. The environmental tempera-
ture will influence the operating temperature which on its turn will influence
the non-linear behavior of the PA. For that reason it is necessary to control
the environmental conditions as much as possible. Furthermore, experience
is necessary on how to build such an experimental setup.

For a thorough analysis of digital predistortion of PAs, acquiring performance
numbers through a hardware setup would be preferable. However, at this stage
of the research we are basically interested in the difference in performance of
different predistortion control algorithms. From this point of view, the influence of
environmental conditions is of less concern in this stage. To start with a hardware
setup will require too much effort in relation to the goal of the research. The
design and implementation of a simulator is more efficient. A prerequisite is of
course that realistic models of PAs are available.

The simulator uses baseband-equivalent processing with baseband-equivalent
Power Amplifier Models. The principle of baseband-equivalent processing is in-
dicated in figure

If we compare figure 3.1 with figure we see that the Digital to RF block,
the PA and the RF to Digital block are replaced by a Baseband-Equivalent Power
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Figure 3.1: Baseband-equivalent model of digital predistortion of PAs.

Amplifier Model (PA model), a DAC and an ADC. In the PA model, the effects of
time discrete-to-continuous conversion, time continuous-to-discrete conversion,
the frequency conversion stages and the non-linearity of the PA are accounted for.
In the DAC, the conversion from amplitude-discrete to amplitude-continuous is
modeled. In the ADC, the conversion from amplitude-continuous to amplitude
discrete is modeled. The advantage of this approach is that we do not have to
simulate two frequency conversion stages. This is common practice in the design
of simulators for mixed-signal systems containing an RF part because it reduces
simulation times drastically. Furthermore, there are baseband-equivalent models
available in literature ([64], [65]), based on measurements on real PAs.

The input of a Baseband-Equivalent Power Amplifier Model is a sequence
of complex values, consisting of a real- and an imaginary part. The real- and
imaginary part specify a vector in the complex plane. The length of this vector
represents the amplitude of the RF carrier at the input of a PA in a transmitter.
The angle between the vector and the positive-real axis describes the phase. The
output of the Baseband-Equivalent Power Amplifier Model is a complex value
describing the amplitude and phase of the RF carrier at the output of a PA. In the
remainder of this thesis we will refer to Baseband-Equivalent Power Amplifier
Models as PA models.

In the simulations, we neglect the effects of the DAC. We assume it has suf-
ficient resolution and we therefore do not model its behavior in the simulator.
However, we are interested in the effects of reduced resolution of the ADC in the
feedback path so its behavior is modeled.
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Figure 3.2: Block diagram of the simulator

3.2 Structure of the simulator

A block diagram of the simulator is presented in figure

The simulator contains a Signal Source which produces complex samples.
The complex values are predistorted by the Predistortion block, using informa-
tion provided by the Predistortion Control block. The Power Amplifier Model is
a Baseband-Equivalent Power Amplifer Model. The Analog-to-Digital Converter
(ADC) consists of two quantizers. One quantizer for the real part of the complex
output of the Baseband-Equivalent Power Amplifier Model and one quantizer for
the imaginary part. Each quantizer converts the floating point numbers, used up to
this point, into numbers which can be represented by a limited number of bits. The
Predistortion Control block calculates an estimate of the non-linearity of the PA
model and presents it to the Predistortion block. The performance of a predistor-
tion scheme is determined by the Performance Analysis block and the simulator is
controlled via a Simulator Control block. The different blocks will be explained
in more detail below.

3.3 Signal Source

There are several options to model the Signal Source block. One option is to
model the digital baseband processing parts of for example a UMTS transmitter,
an IEEE802.11b or an IEEE802.11g transmitter. UMTS and IEEE802.11b use
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Direct Sequence Spread Spectrum (DSSS) as a technique to share a frequency
slot amongst multiple users. For UMTS, the access technique is also referred to
as Wideband Code Division Multiple Access (WCDMA). IEEE802.11g uses Or-
thogonal Frequency Division Multiple Access (OFDM) for the same purpose. The
two types of access-techniques (WCDMA and OFDM) generate signals with dif-
ferent characteristics. We chose, however, to design a single signal source which
is not directly modeled according to any of the two access-techniques. The reason
for this is that first, in case of a standard-specific signal source, the simulations be-
come slow and second, for showing the effects of digital predistortion at baseband,
it is not necessary to generate signals according to a specific access-technique.
This is explained below.

To model a signal source according to an access-technique requires, in gen-
eral, at least a random complex number generator and a modulator for each user
and a filter for the combined signal of several users. For both WCDMA systems
and OFDM systems, it is known (see [67] and [50]) that the addition of several
users leads to high ’crest factors’. A crest factor is defined as the ratio of the peak
power to the average power. These high crest factors are the main driver for the
research on linearization of PAs. So, any signal source, modeled according to a
specific access-technique should incorporate many users. This makes the simula-
tions using an access-technique specific signal source, very time consuming. An
alternative is to generate a dataset once, record it and use it for all simulations.
Repeatedly using a small dataset has the main disadvantage that the same data
is used over and over, making all simulations dependent on this specific dataset.
For that reason, we chose to develop a signal source that generates a different
signal for every simulation run. The generated signal should fulfill the following
requirements to be comparable with a WCDMA or an OFDM signal:

1. It should have a crest factor comparable to the crest factors of WCDMA and
OFDM systems.

2. The power of the signal should be concentrated within a limited frequency
band called the primary channel. The power outside the primary channel
should be negligible. The requirement that the power in the adjacent chan-
nels should be negligible is also important for the determination of the per-
formance of the different predistortion systems. The power in the adjacent
channels is used as a measure of the performance. The original signal, be-
fore the PA, should therefore not contain significant power in the adjacent
channels.

3. The power spectral density should be flat within the primary channel, simi-
lar to the spectra within WCDMA- and OFDM systems.
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The signal source we used is based on a signal source presented in [58]. The
basic idea is to sum sinusoidal signals of different frequencies and equal power. In
total Ny, sinusoidal signals are summed. The phases of these sinusoidal signals
are chosen randomly. The frequencies of the signal are limited to the frequen-
cies within the primary channels and because the sinusoidal signals have equal
power, the power spectral density within the primary channel is flat. The formal
description of the signal source, generating the complex signal x[7], is:

Nfreq

X = cosQrft+ ¢, [f]) +i cosaft+lf) (3.1
\Y Nfreq Z

Nfreq = 2 M (3.2)

The amplitude of the in-phase and quadrature phase components is determined
by o,. ¢, and ¢; are two arrays of length Ny,.,, where every element is inde-
pendently chosen from a uniform distribution between [—m, 7). T equals the total
amount of samples in the data set to be generated, M is the oversampling factor
and 7 € [0, L T T, vy 217, The oversampling factor M is defined as the ratio of the
total bandwidth to be considered and the bandwidth of the generated signal. The
generation of a signal is best explained by an example.

Example

Suppose we want to have 64 samples (7' = 64) and we want to use an
oversampling factor 8 (M = 8). From expression|3.2| it follows that we
have to generate 4 sinusoidal signals (N, = 4). These signals have fre-
quencies ranging from 1 to 4 Hz. The signal is sampled with intervals of
% seconds. Thus the sampling frequency equals 64 Hz. This is the mini-
mum frequency required to fulfill Nyquist’s sampling criterion using an
oversampling factor equal to eight (M = 8). Note that the actual band-
width of the generated signal or the actual bandwidth to be considered,
is not mentioned in any of the definitions. Because we only use sampled
signals, the actual bandwidth is not important. Only the oversampling
factor M and the number of samples 7" are important. Further note that
the dataset always contains only one cycle of the lowest frequency pre-
venting cyclic behavior within the dataset. In figure|3.3, an example of
four individual signals and the resulting sumsignal are presented. This
sumsignal represents in this example, the real part of a complex signal
x[t] foro, = 1.
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Figure 3.3: An example of a signal and its individual components

In our simulations, we use complex signals with an oversampling factor of 9.8.
We started our research using datasets of 8k samples. From initial simulations,
this dataset size appeared to produce stable and reproducable results. When using
coarse quantization, we also used larger datasets. For different sizes (different
T's), different numbers of sinusoidal signals with different frequencies have to be
generated (see expression|3.2)). For a block of 8k samples, 416 sinusoidal signals
are summed. A typical Power Spectral Density of such a signal is given in figure
3.4.

In this figure, we see the Normalized Power Spectral Density of the generated sig-
nal as a function of the 'normalized frequency’. Normalized frequency is defined
as the ratio of the frequency of interest and the sampling frequency. In figure 3.4,
we also see the Primary- and Adjacent channels. The bandwidth of the primary
channel and the adjacent channels is larger than the bandwidth of the generated
signal (plus 20%). This reflects the fact that, in general for the different telecom-
munication standards, the occupied bandwidth is less than the spacing between
two carriers. The occupied bandwidth is a measure of the bandwidth containing
99 % of the total integrated power of the transmitted spectrum, centered around
the carrier. For UMTS, the occupied bandwidth will be less than 5 MHz based on
a chiprate of 3.84 Mcps. For IEEE802.11b and IEEE802.11g, the spacing between
the outermost sub carriers equals 16.25 MHz. For two non-overlapping channels
in the overlapping European channel selection mode, the carrier spacing equals 20
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Figure 3.4: An example of the Power Spectral Density of a generated signal

MHz. Based on these figures, the use of a channel bandwidth that is 20 % larger
than the occupied bandwidth is representative for the standards mentioned.

From simulations it appears that, in case the power in the primary channel
and the power in the two nearest adjacent channels satisfy the different masks
(see section 4.2.1), the power in the channels further than the nearest adjacent
channels is always lower than the most demanding mask requires. For that reason
we will refer to the two nearest adjacent channels as ’adjacent channels’.

An important characteristic of the generated signal is the crest factor. It is
common practice to use the logarithmic of the ratio of the peak signal power to
the average signal power as a measure of the crest factor. So for the set of samples
X1, Xo, ..., X7, the crest factor is defined as:

(3.3)

2
CF = 10 - log ( max(|x,|%) )

1 T
T thl |xt|2

To give an impression of typical crest factors, the 100 crest factors for a set of 100
generated signals are given in figure(3.5] where each signal consists of 8k samples.
We see that the crest factors range from less than 8 dB to more than 10 dB. To
compare our signal source with WCDMA and OFDM signal sources, we deter-
mined the statistics of the crest factor. We analyzed 500 blocks of 8k samples and
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Figure 3.5: Crest factors of a generated datasets

determined the probability that the amplitude of a sample exceeds a given value
(see figure (3.6).

From this figure we see that the maximum crest factor for this dataset is be-
tween 11 and 12 dB. In [67], the crest factors for single carrier UMTS are given.
Depending on the number of code channels transmitted simultaneously on one
carrier frequency, the maximum crest factor can range from 4.5 dB (1 code chan-
nel) to 11 dB (128 code channels). For multicarrier QAM-modulated WCDMA,
some crest factors are reported in [49]. When using four carriers, the probability
that the crest factor exceeds 12 dB equals 107°. From figure(3.6/it can be seen that,
for our signal source, the crest factor corresponding to a cumulative probability of
1072 equals approximately 10.5 dB.

To compare our signal source with an OFDM signal, we refer to [50]. The
reported maximum crest factor for a cumulative probability of 107> equals 12.5
dB which exceeds our crest factor of 10.5 dB. In [50], methods are introduced
that process user data in such way that crest factors are reduced. These methods
are called ’peak power reduction schemes’. The peak power reduction schemes
reported in reduce the maximum crest factors below 10.5 dB.

Concluding, our signal source is representative for single-carrier WCDMA
and for OFDM in case peak power reduction schemes are used. The crest factor
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of our generated signal is slightly lower than the crest factors for multi-carrier
WCDMA and OFDM without peak power reduction.

3.4 Predistortion

The Predistortion block receives an estimate of the non-linearity of the PA model
from the Predistortion Control block. Depending on the learning scheme, Direct
or Indirect, the estimate represents the input-to-output relation or the output-to-
input relation of the PA model respectively. In the Direct Learning scheme, the
Predistortion block predistorts the incoming signal with the inverse of the non-
linear characteristics of the PA model, found by the Predistortion Control block.
In the Indirect Learning scheme, the estimate of the non-linearity is directly used
by the Predistortion block.

3.5 The Power Amplifier model

As mentioned in section(3.1, the PA models that are used are Baseband-Equivalent
Power Amplifier Models. They account for the effects of continuous-time to/from
discrete-time conversion, frequency conversion and the non-linearity of the PA.
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Figure 3.7: Block diagram of the PA model

We have searched through literature and selected the most recent models. Some
of these models incorporate memory effects. In the discussion on the performance
of different predistortion schemes, we will limit ourselves to a model presented in
[64]. It combines severe non-linearity and memory effects. Below, we describe
the model. Other models (together with simulation results) are given in Appendix
B!l In chapter |6, we use data, obtained via measurements on a real PA, provided
by Philips Semiconductors, to validate our approach.

The PA model we used to develop and analyze a new Predistortion Control al-
gorithm, is based on measurements on an actual Class AB PA. Class AB amplifiers
are a compromise between Class A and Class B amplifiers. Class A amplifiers are
briefly non-linear but power inefficient. Class B amplifiers are power efficient but
non-linear. Class AB amplifiers combine the techniques used in Class A and Class
B amplifiers and their power efficiency and linearity are average. Amplifiers, us-
ing switched-mode techniques like Class C and Class D amplifiers, cannot be used
to generate signals within the high-RF frequency range. For that reason, Class AB
amplifiers are often applied within telecommunication transmitters.

The model of the Class AB PA we used in our simulations, is a Wiener-
Hammerstein model which is a combination of a Wiener and a Hammerstein
model. A Wiener model consists of a filter followed by a memoryless polynomial
(see [69], p. 28). A Hammerstein model consists of a memoryless polynomial
followed by a filter. A Wiener-Hammerstein model thus consists of a filter H(z),
followed by a memoryless polynomial which on its turn is followed by a second
filter G(z) (see figure[3.7). The Wiener-Hammerstein model is alternatively named
a Linear-Nonlinear-Linear cascade system ([69]).

For the specific PA model we used and which is presented in [64], the filter
specifications are:

1+0.5z2 1-0.1z2

HO= 1007 9% 104

The memoryless polynomial equals:

(3.4)

w(t) = by v(t) + by v(1) | v(®) | 2 +bs (1) | v(e) | * (3.5)
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where v indicates the output of filter H and w the input of filter G. The coefficients
are: by = 1.0108 + 0.0858, b3 = 0.0879 — 0.1583, bs = —1.0992 — 0.8891}.
Furthermore, in the PA model, a gain correction is applied in such way that the
overall gain (in case of an input signal with a small standard deviation) equals 0
dB. This implies that the linear gain is removed from the amplifier model. This
is necessary because the Predistortion Control block will control the Predistortion
block in such way that the output of the PA equals the input of the Predistortion
block. If we would not correct for the gain of the PA, the Predistortion block would
attenuate the signal. Then a more linear part of the input range of the PA would
be used leading to lower ACI levels. This, however is not an achievement of the
Predistortion Control algorithm but is mainly due to the power reduction within
the Predistortion block. To compare different algorithms within the Predistortion
Control block, we therefore remove the linear gain from the PA output. The model
is valid for a standard deviation at the input of approximately 0.13.

3.6 The Analog-to-Digital Converter

To analyze the effect of quantization in the feedback path of the digital predis-
torter, a model of an Analog-to-Digital Converter (ADC) is incorporated in the
simulator. An ADC consists of two quantizers: one for the real part of the com-
plex feedback signal and one for the imaginary part of the complex signal. Both
quantizers are identical and we will therefore first assume that the signal x,,; (see
figure(3.1) is a real signal. At the end of this section, we will describe the ADC in
case X,y is a complex signal.

The sampling rate of the ADC equals the rate of samples within our baseband-
equivalent model and therefore the only task of the ADC in our simulator is quan-
tization. The set of possible output values of a quantizer is finite and therefore the
output of the quantizer can be coded into a limited number of bits. In the simula-
tions, we use the output of the quantizer directly, not the bit-encoded values; the
actual encoding is irrelevant for our purpose.

We will first give a general description of quantizers and use x,; as a general
name for the input. The analog output x,,; of the PA model is quantized into
the digital signal y (see figure . We will gradually expand the complexity of
the quantizer model to relate the power of the signal x,; to the input range of
the quantizer. In the simulations we use b-bit mid-riser quantizers. The relation
between x,; and y(= Q(x,4)) in case of a mid-riser quantizer is illustrated in figure

The main characteristic of a mid-riser quantizer is that if the input value changes
its sign, the output changes its sign as well. The alternative would be to use the
mid-tread quantizer (figure|3.9).
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Figure 3.8: Transfer characteristic of a mid-riser quantizer for b = 3.
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Figure 3.9: Transfer characteristic of a mid-tread quantizer for b = 3.
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The major characteristics are that the mid-tread quantizer can produce the
value ’0’ and the number of different digital positive values that can be generated
differs from the number of different negative values. One of the consequences is
that, if the input is symmetrical around x,; = 0, it is not guaranteed that the output
will be symmetrical around Q(x,;) = 0. We expect this to complicate the anal-
ysis and we therefore chose the mid-riser quantizer. For the mid-riser quantizer,
the output is symmetrical around Q(x,;) = 0 if the input is symmetrical around
Xpd = 0.

As a basic building block of the quantizer, we use Heaviside’s step function
O:

0 Xpa < 0
D(xps) =<3 Xpa=0 (3.6)
1 Xpd > 0

Heavisides step function is illustrated in figure 3.10.
A b-bit mid-riser quantizer is then generally described by:

261
1
O(xpa) = ( > D - i)) -2 (3.7)

i=—20"1+1

where x,, is a real (not complex) signal. Before we can use this quantizer, we
have to pre-process the input signal to relate the power of the input signal x,, to
the input range of the quantizer. The pre-processing is illustrated in figure 3.11
and will be explained below.
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Figure 3.11: Pre-processing of the input of the quantizer

First we normalize the standard deviation of the signal x,; to one. This is

realized by multiplication with ——, where oy, Tepresents the standard deviation
Xpd

of the feedback signal x,;. The maximum input range of the quantizer, equals

[-2°71,...,2571]. Since we want to use the complete input range of the quantizer,

we amplify the input signal with the factor 2°~!. We assume that the characteristics

of x,,; are similar to the characteristics of a Gaussian noise signal. Since the

(o

standard deviation of x,, after multiplication with ? equals the maximum input
Xpd

range of the quantizer, quantization is not done correctly for a significant fraction
of the input signal. For that reason we reduce the power of the signal. If we reduce
the power of the signal with, for example, a factor 4, the quantizer can deal with
amplitudes up to the +40-, , and —40, , levels. Amplitudes higher than the +40-, ,
and lower than the —40, , levels will be clipped. The power-reduction factor is
called the ’"Headroom factor’ H. In our simulations, we will also use a Headroom
factor of 4 for both the real and imaginary parts of the signal. We have already
seen that the probability that crest factors beyond 12 dB (a factor 4 in amplitude)
appear, is below 1077 (see figure[3.6), so by choosing H = 4, clipping effects are
negligible.

The relation between the probability density of the signal at the input of the
ADC and the input range of the ADC is illustrated in figure

In a digital predistorter, x,; is a complex signal so we have to use separate
quantizers for both the real and imaginary part of the signal. The quantization is
then described as:
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2b=1g
Qre(Xpa) 1-(( > @@mmx@w—o)—2“‘+%> (3.8)

Ere i==2b-141

|
Qin(Xpa) 1-(( > @@mmmna—a>—z“l+%) (3.9)

&im i==2b-141

where Re(x,,) and Im(x,,) give the real and imaginary part of the signal x,, re-
spectively and g,, and g;, determine the granularity of the quantization process of
the real and imaginary parts (as illustrated in figure 3.11):

2b—1
Ge = (3.10)
H 0Re(x,y)
2b—1
Qim = (3.11)
H O-Im(xpd)

3.7 Predistortion Control

In the Predistortion Control block (see figure[3.2), two different algorithms are im-
plemented. These algorithms estimate the non-linearity and quantify the memory
effects of the PA. The overall effects of the non-linearity and the memory effects
will be called "non-linear behavior’. The algorithms are described in section|4.2.2
and in section|5.1.2.

As will be explained in section 3.8, the simulator can run for several cycles.
In each cycle (for example cycle i), an estimate &; of the non-linear behavior of
the PA model is obtained. This estimate is used to predistort the signal in the
next cycle (cycle i + 1). From simulations it appears that the performance of
the predistorter fluctuates considerably when the estimate is used directly without
taking previous estimates &, |, 4;_», etc. into account. The fluctuations are caused
by the fact that the number of samples within one cycle is finite, in combination
with the randomness of the input signal x. Suppose, for example, that in the 8k
samples within cycle i, extreme amplitudes are not present. For these PA input
amplitudes, no information concerning the corresponding PA output amplitudes
is available. Hence, the distortion for these amplitudes is not known. So, the non-
linear behavior for large amplitudes of x cannot be determined in cycle i. When
these amplitudes occur in cycle i + 1, this cannot be corrected, leading to relatively
large Adjacent Channel Interference (ACI) levels in cycle i+1. For that reason, we
do not use the estimated values 4; directly to determine the predistortion in cycle
i + 1 but we average a; with the value &; |, previously used by the predistorter.
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To average these values, we use a first-order Infinite Impulse Response filter (IIR-
filter):

5i:W'ﬁi+(1—W)'5i_1 (3.12)

where w can be programmed and ranges between 0 and 1. We use a first-order
[IR-filter because of its simplicity.

Reducing the value of w, gives newly obtained estimates of the non-linearity
of the PA less importance. Alternatively, one could say that the memory of the
system becomes ’longer’ and predistorter settings are based on more information
from the past. If the behavior of the PA is stable, it is preferable to use small values
of w because then, estimates are based on more data and therefore become more
accurate, leading to larger suppression of ACI levels. However, if the behavior of
the PA changes in time, the system will respond slowly. If the behavior changes
relatively fast, the predistorter settings should be based mostly on recent infor-
mation hence w should be closer to one. Thus, the value of w is a compromise
between accuracy of the predistorter settings and the rate of change of the PA be-
havior. A value w = % is a compromise that gives good suppression of ACI levels
and acceptable response times to changes in the behavior of the PA. In sections
4.4.4 and|5.3.4, we will deal with system level timing aspects in more detail.

3.8 Simulator Control

The Simulator Control block synchronizes the execution of the different blocks
of the simulator and contains the interface to the user. The user can set several
parameters. The most important parameters are: the number of samples in a block
(T), the oversampling factor (M) and the learning scheme (Direct or Indirect).
Some typical values are: 7 = 8k and M = 9.8.

Every simulation run consists of cycles. The number of cycles (Ncyc.s) can
be specified. Every cycle consists of several steps. For all cycles, except the first
cycle, the steps are described below. In this description, first the block which has
to execute the step is given (see also figure 3.2)) and second, the action. The cycle
number is denoted as i:

1. Signal Source: Generate a signal of 7 complex samples.

2. Predistortion: Predistort the signal of cycle i using the estimated non-linear
behavior of the power amplifier, represented by a,_;. These coefficients have
been generated in cycle i — 1. Dependent on the learning scheme, Direct or
Indirect, use an inversion algorithm or use the measured non-linear behavior
directly.



3.9. PERFORMANCE ANALYSIS 57

Power Amplifier Model: Distort the signal of cycle i.
Analog-to-Digital Converter. Quantize the signal of cycle i.

Performance Analysis: Calculate and store the ACI levels.

A e

Predistortion Control: Calculate a new estimate &; of the relation from input
to output of the PA model (Direct Learning) or from output to input (Indirect
Learning). This estimate is based on the data of cycle i and will be used to
calculate the new predistortion values a for cycle i + 1. Then proceed with
step 1.

For the first cycle, no predistortion is used (the gain of the Predistortion block
equals one for every sample). The steps are repeated Ny, times. After the last
cycle, the overall performance is calculated.

3.9 Performance Analysis

Within the Performance Analysis block, the achievements of the predistortion
mechanism are determined. As a measure of performance, we use the power in
the two channels adjacent to the primary channel. For every block of T samples,
the power in the adjacent channels and the primary channel at the output of the
PA model, is determined. This is done in case predistortion is applied and in case
no predistortion is applied. In simulations where several cycles are executed, the
average performance is determined. In this case, the lower and upper adjacent
channels are treated similarly but separately. The power in the adjacent channels
is summed over the cycles and divided by the number of cycles. For the lower
adjacent channel, the average power is thus calculated by:

N, cycles

Z Plow,cycle(i) (313)

i=1

1

N, cycles

Py =

where N,y..s equals the number of cycles over which the average performance is
calculated, P, vy €quals the average power in the lower adjacent channel of
cycle i and P, equals the average power in the lower adjacent channel over Ny,
number of cycles. For the upper adjacent channel, a similar value P, is calculated
and for the primary channel, P, is determined. Note that, in general, P,, #
P, because of the complex signal source. The performance of a predistorter is
determined by the worst case suppression, thus by the maximum power level in
one of the adjacent channels (P4;):

Padj = max(Pp,,, Pup) (3.14)
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This power level is related to the power in the primary channel and expressed in
dB:

_ Padj
Ps;g =10- log P (3.15)

prim

The value P,p is used as a measure of the performance of a predistorter.

When running simulations over several cycles, the estimated non-linear behav-
ior &; is generally not directly used in the Predistortion block. As described above,
a weighted sum with previous estimates a;_;, a; 5, etc. is used instead. The effect
is that the total system needs a few cycles to stabilize after starting up. Within the
Performance Analysis block, a programmable number of cycles, starting with the
first cycle, is ignored. This means that the performance in these cycles is not used
in the calculation of the average performance. If, for example, the weight w of the
estimated coefficients & equals %, we ignore the first 9 cycles in our simulations.

Besides the performance of a predistorter, the Performance Analysis block
also determines the average variance of the signal at the input and at the output of
the Predistortion-PA model combination, again with- and without predistortion.
These values are used to determine the ’compression’ of the signal by the PA
model. For high-power input signals, the gain of a PA model is generally less than
wanted and compression is a measure of the gain-loss caused by the non-linear
behavior of the PA model. The average variance over Ny, cycles is calculated
as:

cycler T

Py = = > D lxnoP (3.16)
cycles =1 1=1
ucles T

Pow = 52 D > a0 (3.17)

C)cles ' =l =1

where x(n, t) is sample ¢ in cycle n of the input x of the predistorter and x,4(n, f) is
sample ¢ in cycle n of the output x,,; of the PA model. The compression (Cgyp) is
then defined as:

Pou
Cyz =10 log (P f) (3.18)

in

The small signal linear gain of the amplifier was set to 1 (see section[3.5), so for
the linear amplifier, the compression equals 0 dB.
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3.10 Outlook

In chapters 4 and|5/we will use the simulator, described above, to analyze different
predistorters. The most important aspect is that the different predistorters use the
same signal source and the same PA models which enables a fair comparison
between different alternatives.
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Chapter 4

The LS predistorter

The basic idea behind the Analog-Digital Codesign of a digital predistorter for
Power Amplifiers is to reduce the complexity of a telecommunication transmitter,
by changing the digital Predistortion Control block and by introducing coarse
quantization. The words 'reduce’ and ’change’ in this phrase indicate that we
use an existing solution as a reference. As a reference solution, we chose the
digital baseband predistorter using memory polynomials as was presented in [64]
and which will, in this thesis, be called LS predistorter’. ‘LS’ stands for Least
Squares and refers to the Least Squares criterion used to estimate the distortion
characteristics of a PA. We selected the LS predistorter because it currently is
the most recent predistorter dealing with memory effects. To guide the design of a
digital predistorter, we use the Y-chart approach (see figure(1.11). The architecture
specification, the functional specification and performance analysis of the first
iteration within the Y-chart approach are described below.

4.1 Architecture specification

Architecture specification is the first step in the first iteration of the Analog-Digital
Codesign of a digital predistorter for PAs in telecommunication transmitters. In
this step, we design an architecture on which the application can be mapped. In
the architecture, (processing) blocks and the interconnection structure are identi-
fied. The aim of the architecture specification phase is to define an architecture
in such way that the functionality of the system can be implemented. A general
architecture which is expected to fulfill this requirement is shown in figure(4.1.
The general architecture comprises a digital processing part, two data convert-
ers, an analog processing part and a PA. The data converters are a DAC in the
forward path and an ADC in the feedback path. To enable the analysis of coarse
quantisation in the feedback path, we actually do not generate a single architec-
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— = DAC

Digital Analog
Processing Processing

ADC

Figure 4.1: Architecture specification of the digital predistorter

ture but we create a set of architectures. Each architecture distinguishes itself
by a different resolution of the ADC in the feedback path. These architectures
will be used in the performance analysis phase to analyze different architecture-
application combinations.

4.2 Functional specification

The second step in the first iteration of the Analog-Digital Codesign of a digital
predistorter for PAs in telecommunication transmitters is the functional specifi-
cation. Functional specification is alternatively named: application design. The
result of this phase is a set of requirements concerning the allowed ACI levels of
a PA and a specification of the algorithm to control the predistorter.

4.2.1 ACI-level requirements

One of the most important specification of a telecommunication standard for the
design of the PA is the transmission mask. As an example, the masks for GSM
base stations (figure [4.2), UMTS base stations (figure 4.3), IEEE802.11b and
IEEE802.11g (figure are given. A transmission mask defines the power a
PA is allowed to transmit at different frequencies. In these masks, the frequency
of the carrier corresponds to 0 Hz and the x-axis indicates frequency separation
from the carrier. This frequency separation is alternatively called ’offset’.

The mask for GSM is derived from the output RF specifications in [10] and
the mask for UMTS is derived from the spectrum emission mask given in [11].
Both reflect the most demanding requirements. The masks for IEEE802.11b and
IEEE802.11g are taken directly from [12] and [13] respectively. All masks are
symmetrical around the carrier. For example, the requirements at -200 kHz offset
are equal to the requirements at +200 kHz offset. The signal at the output of a
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Figure 4.3: Transmission mask for UMTS base station
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Figure 4.4: Transmission masks for [IEEE802.11b and IEEE802.11¢g

PA has to satisfy the transmission masks; at any frequency, it should not trans-
mit more power than indicated by the mask. In the remainder of this thesis we
will not concentrate on a specific mask but look at algorithms to reduce the Adja-
cent Channel Interference levels in general. Whenever appropriate, references to
mainly the masks for UMTS, IEEE802.11b and IEEE802.11g will be given.

4.2.2 Algorithm specification

The second task within the functional specification is the algorithm specification.
The algorithm determines the non-linear behavior of the PA. We will first give an
introduction to memory polynomials. Memory polynomials are used within the
LS predistorter to estimate the non-linear behavior of the PA. After that, the LS
predistorter algorithm is described. In this description, we assume that no ADCs
are present in the feedback path, so the signal at the output of the PA model (x,,)
equals the signal presented to the Predistortion Control block (y), see figure|3.1.

4.2.2.1 Introduction to memory polynomials

In section [3.5, we have described a specific model of a PA, the Wiener-Ham-
merstein model. It determines the relation from input to output of the PA. It is
used to ’generate’ distortion. Within the Predistortion Control block, we have to
determine the non-linear behavior of the PA model, using the signals at the input
and output of the PA model. One option is to make use of the knowledge that
the PA model is a Wiener-Hammerstein model and that we try to determine its
parameters. However, this model is very specific. When other PA-models are
used to generate the distortion, assuming a Wiener-Hammerstein model within
the Predistortion Control block, might not lead to satisfactory results. For that


80211b.mask.pstex

4.2. FUNCTIONAL SPECIFICATION 65

reason, we want to use a more general model. Such a model, presented in [61], is
described below.

If the output y at a certain moment in time ¢ only depends on the input x, at
that specific moment in time, the distortion is generally described by:

y(#) = D(Ix,(®)]) - x,(t), where D : R, — C 4.1)

The function D will be described in more detail below. For many PAs, the
output at a certain moment in time does not only depend on the input at that
moment but also on the input at previous moments (history). Then the PA suffers
from so-called memory effects. In the digital domain, this means that a sample of
y at time ¢ does not only depend on the value of x, at time ¢ but also on previous
samples:

¥(1) =Dy (Ix,(D)) - x,(1)+
Dy (Jxy(t = D) - x,(t = D+ (4.2)
Dy (Ixy(t = 2)) - x,(1 = 2) + ...

In PA models, the functions D; are very often approximated by polynomials:

Di(x) = ag; + ajix + x> + azyx’ + .. 4.3)

In this expression, all orders are given up to infinity. Normally, only a limited
number of expressions is used. A general description of a PA model combines
expressions 4.2/and 4.3, limits the order of the polynomials from 1 to K and the
memory depth from O to 7,,,, — 1, which leads to:

K Tpua—1

YO =)D awx,t—1) | x5t =) [ (4.4)

k=1 7=0

The relation is said to be described by a memory polynomial. The order of the
polynomial is limited by K and the number of samples from the past taken into
account is determined by T,.4x. Timax 1S called the memory length.

The non-linearity model, presented in expression 4.4 is related to a Volterra
model. This is explained below.

4.2.2.2 Relation to the Volterra model

A Volterra model of a weak non-linearity is presented in [68], section 4.2. A
discrete version of the Volterra model is presented in [69]. This discrete Volterra
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model is:
w(t) = hy + iﬁk[s(t)] 4.5)
k=1
where
hls()] = i i e (Tyy ey Te) = S(E—=T1)y ey =S(E— Tp) (4.6)
The multidimensi(;r_lal funkcj[ions hi (71, ...,T¢), called Volterra kernels, charac-

terize the non-linear behavior. They can be used to model a non-linear PA. Sup-
pose the PA (not the baseband equivalent PA model) is modeled as a discrete
Volterra model. Refering to figure we rewrite expression|4.6:

Yer(®) = ho + > e[, (0)] (4.7)
k=1
where

(o)

Ek[xrf(t)] = Z Z h (1,0 TR er(t —T1) e 'er(t —Tr) 4.8)

T]=—00 Tp=—00

When using this model, an infinite number of kernels have to be determined.
We will first simplify expression 4.8| In expression 4.8| future amplitudes of x,
are taken into consideration. Because PAs are causal systems, the following holds:
h(ty, ..., Te) = 0,ifanyt; < 0,i =1, ..., k.

Furthermore we simplify the expression by assuming that i (7, ..., 7¢) = 0, if
i, j where 1; # 7;, for i, j = 1,...,k. The last simplifications are: the limitation
of the summation over 7 and k to 7,,,, — 1 and K respectively, and the assumption
that A equals zero. The resulting expression becomes:

K Tmax_l
V0= Y @) - 2yt =0 (4.9)
k=1 71=0
We want to obtain an expression like (4.9 in case the input and output signals are
the complex envelopes of the actual signals and the non-linearity is characterized
by equivalent low pass Volterra kernels. In [70], p. 69, it is suggested to write x,
as:

X,£(t) = Re[x,(t) - €] (4.10)
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where x, is the predistorted digital baseband signal (see figure 2.7) and f, is the
carrier frequency. Expression can be used to rewrite expression 4.9:

K Tmax—

k
WOEDY Z hy(T) - (Re xX,(t — 1) - €7 T>]) (4.11)
k=1 7=0

For predistortion of PAs, only the frequency components of y,; around the carrier
frequency f. are of interest. These frequencies form the so-called ’first’ or ’prin-
cipal zone’. y(z) is defined as that part of the signal y,, which has its frequency
components within the principal zone. In [71], p. 18, it is shown that y;(¢) can be
expressed as:

o K el Jx,(t = 1)l ixy(t=1) | i2nfet
yl(t)_ Re Z hk() 2 LeP - e

=1

r K -1
Tmax h; )
= Re| ) Z "(T) Pyl = DF - = )] e'“P<'—T>-eﬂ”ﬂf] (4.12)
- k=1

=1 7=0 2
- K
:Rez
- k=1

where (1) and hi (1) are functions of /(t) and the carrier frequency f.. Referring
to figure(2.7, the expression for the digital baseband signal y(r) becomes:

Tmax— 1

() - x,(t = 7) - (e — D) ei27rfcz:|
=0

K tpa—1
YO =)D @) xp(t =) | x5t =) [ (4.13)
k=1 1=0

This expression equals expression|4.4 where the low pass Volterra kernels /()
have a similar function as the polynomial coefficients a..

4.2.2.3 The LS predistorter algorithm

In the Predistortion Control block (see figure|3.2), the predistorted signal x, and
the PA model output y are available and are used to describe the behavior of the
PA model by means of memory polynomials. The memory polynomial, given in
expression 4.4, can be used to determine the values a;,. These values determine
the behavior from input x, to output y. In section 2.1, we have defined this ap-
proach as the Direct Learning approach. The Predistortion block has to invert this
relation to correctly predistort the incoming signal x. In [62], it was suggested to
describe the input x, as a function of the output y. This can be done by means of
a memory polynomial as well (see [61] and [64]):
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K Tha—1

0= ayt-1) |yt -1 (4.14)

k=1 7=0

This approach is called ’Indirect Learning’. Expression can be obtained
from expression by exchanging x, and y. If the Predistortion Control block
uses the Indirect Learning approach to describe the relation between x, and y, the
polynomial coefficients a;, can directly be used by the Predistortion block to pre-
distort the incoming signal x. This is an advantage because no inversion procedure
is needed. It is important to note that the values a;. in expression differ from
the values a;, in expression In expression 4.4/ (Direct Learning) they describe
the relation from input to output, in expression|4.14 (Indirect Learning) they de-
scribe the relation from output to input. We will develop the LS predistorter using
the Indirect Learning approach. Furtheron we will generalize the predistorter to
include Direct Learning as well.

The problem we are confronted with is to find the polynomial coefficients a;,
given x,, y and a set of equations described by expression|4.14, The set of equa-
tions can be solved using linear algebra. For that purpose we rewrite expression
4.14| For the sake of convenience we redefine ¢ = 7, — 1.

x,(1) aoy(1) + o+ ageyOly@I*!

— _ _ 1)K
A= &+ @ Dbte ) 415
+ oayt=¢) + .+ axy(t =)yt -
To simplify this expression, we define:
Ver®) = y(t = 1) [ (2 = 7) [ (4.16)
Expression 4.15 can then be rewritten into:
x,(1) = apyi) + .. + akoyko(®)
I anyn® + .. + axiyxi(®) 4.17)
+ algylg(t) + ... + aKgng(t)
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In vector notation this can be written as:

Xp () = [10(0), cees VK@), oo Y1(D)s ooy VD] [ @10

ako
(4.18)

Cl]g

aKg

In this expression, x,(f) and y;o(?) to yg.(?) are given and a;o to ag, are un-
known. Expression|4.18 cannot be solved because the number of unknown values
(K - T,nax) €xceeds the number of equations, which equals one. We therefore need
at least K - 7,,,, equations similar to equation 4.18. This can be realized by using
more samples, say 7" samples ranging from 1 to 7. We assume that the behavior
of the PA does not change during the time 7. The vector a is defined as:

a= [Cl]o,...,ClK(),...,Cllg,...,a](g]T (419)

We obtain the following T equations:

x,(1) = [yio(1) y(l) .. yxs(D]a
x,(2) Di0(2) y20(2) ... yke(2)]a

(4.20)
xp(T) = [yio(T) y2(T) ... yge(T)]la

We define the columns of this expression as separate column vectors X, and y,
and combine the column vectors y,, into a matrix Y:

x, = [x,(1),.... x,(T)]" (4.21)
Yir = [yk‘r(l), ceey ykT(T)]T (422)
Y = [Yi0¥205 - Yiel (4.23)

Expression 4.20 can than be rewritten in a very compact way:

X, = Ya (424)

If the inverse behavior of the PA model (inverse because of the Indirect Learning
approach) exactly matches a memory polynomial of order K and memory depth
Tmax>» We need exactly K - 7,,,, equations to determine the K - 7,,,, unknown values.
This means that the number of samples T equals the number of unknown values
K - Tpar. As a consequence, the matrix Y is square containing (K - 7,,,¢)> elements.
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Expression|4.24 is then easily solved by using the inverse of matrix Y (under the
condition that the inverse exists):

a=Y'x, (4.25)

Because of the assumption that the inverse behavior of the PA model exactly

matches a memory polynomial, the estimated polynomial coefficients exactly equal
the real polynomial coefficients: 4 = a. In practice however, the inverse behavior

of the PA model does not exactly match a memory polynomial. Thus, the non-

linear behavior, determined by the polynomial coefficients &, is not exactly equal

to the inverse behavior of the PA model. If we determine, in that case, an estimate

of the original signal x,,, using estimated polynomial coefficients & and the output

of the PA gathered in Y, we obtain

%, =Ya (4.26)

where X, — x,, # 0. Since it is not possible to find the exact solution, we have to
find the best approximation. To determine which approximation is the best, we
have to define a criterion. The criterion used for the LS predistorter is the Least
Squares criterion. The Square Error is defined as:

T
SE:Z

=1

£,(1) = x, (0’ (4.27)

If expression|4.25/is used to calculate the estimated polynomial coefficients 4 and
if expression[4.26 is used to calculate an estimate of the original signal X, it is
shown in [72], p. 378, that the Square Error is minimized. A prerequisite is that
the matrix Y is square and its inverse exists. A better estimate of the non-linear
behavior of the PA is obtained if more samples than the minimum number of
samples required, are used. This means: T > K - T,,,. As a consequence, the
matrix Y becomes rectangular with size T X K - T,,,,. A rectangular matrix does
not have an inverse. However, a pseudo inverse can be used. This pseudo inverse
is defined as (Y?Y)'Y# where # indicates the Hermitian operation '. In [72], p.
378, it is shown that in case of a rectangular matrix Y, the Least Squares solution
equals:

a = (Y'Y) 'Y, (4.28)

'If matrix B, consisting of elements b/, + i - b ; 1s the Hermitian matrix of A, consisting of the

J

r Pl ro— i i
elements a;; + i - a;;, then bj; = a’; and b;; = —a;
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4.2.2.4 Extension of the LS predistorter

Besides the Indirect Learning scheme, the Direct Learning scheme can be used
as well. In the Direct Learning scheme, the output y of the PA model is written
as a function of the input x, of the PA model, as indicated by expression|4.4. It
is however more convenient to use one equation which can be used for both the
Direct- and Indirect Learning schemes, using general signal names x; and x;:

K Tpac—1
BO=> Y awxt-1)|x@-1) ! (4.29)
k=1 1=0
The Indirect Learning scheme is used when x; = y and x, = x,. The Direct

Learning scheme is used when x; = x, and x, = y.

In expression|4.29, powers of x;, x;(f — 7)|x;(t — 7)[*"!, are used. We define a
’basis function’ ¢y as: ¢(x;(t—7)) = x;(t—7)|x;(t—7)[*"'. For every value k, ¢y is
a polynomial consisting of a single product term. These single-term polynomials
will be called *normal polynomials’.

In the presence of quantization noise and when using finite precision digital
processing, the inversion of the matrix Y#Y (expression[4.28) is prone to numer-
ical instabilities due to the use of normal polynomials. In [65], an alternative for
the use of normal polynomials is proposed: orthogonal polynomials. A system of
polynomials ¢ (x) is defined to be orthogonal, with respect to a weight function
w(x), on the interval a < x < b, if:

b
/ WY, (m(x)dx = 0 (4.30)

where n #m, n,m =0, 1,2... and w(x) > 0.

In our application, we want the polynomials to be orthogonal with respect to
the probability density of the absolute value of the input signal, so w(x) equals
the probability density of |x|. The orthogonal polynomials presented in [65] are
based on a uniform distribution of the amplitude of x, where 0 < |x| < 1. In our
case, using the signal source as described in section (3.3} the signal x consists of a
real- and an imaginary component which behave approximately as Gaussian noise
sources. The amplitude of the resulting signal then approximately has a Rayleigh
distribution (see [14], pg. 161). We will, however, use the orthogonal polynomials
as they were presented in [65] because, in that publication, it was shown to yield
improvements for a Rayleigh distribution as well.

In our simulations we will compare the use of normal polynomials with or-
thogonal polynomials. An orthogonal polynomial basis function of order k is
denoted as ¥. In most applications only odd polynomial basis functions up to the
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Figure 4.5: Schematic representation of Indirect Learning schemes

fifth order are used. When searching through literature, this appears to be com-
mon practice in digital predistortion design. Using as few polynomial degrees
as possible reduces the complexity of the final digital predistorter. Furthermore,
adding even polynomials and adding polynomials with a degree higher than five,
does not imply a fundamental change of the algorithm. We will therefore only
give the odd basis functions up to the fifth degree (for other basis functions see
[65] and chapter|6):

Yi(x) = x

Y3(x) = 15| xPx =20 x| x+6x

Ws(x) = 210 | x |* x =504 | x> x+420 | x * x
— 140 | x| x + 15x

4.31)

If we generally define a basisfunction by y,(x), four different LS predistorters can
be identified. The first two predistorters use the Indirect Learning scheme and are
illustrated schematically in figure|4.5.

For the Indirect Learning schemes, the relation from output to input is de-
scribed by a polynomial. There are two choices for polynomial basis function:
normal polynomials (¢;) and orthogonal polynomials (). The estimate a is di-
rectly used to program the predistorter. A similar schematic representation for the
Direct Learning scheme is given in figure|4.6.

For the Direct Learning scheme, the relation from input to output is described
by a polynomial. Again there are two choices for polynomial basis function: nor-
mal polynomials (¢;) and orthogonal polynomials (). The estimate & is inverted
before it is being used for predistortion. All four different predistorters can be
defined within a single framework:
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Figure 4.6: Schematic representation of Direct Learning schemes

1. Indirect Learning using normal polynomials ¢;: x; =y, Xo = X, Y& = ¢y

2. Indirect Learning using orthogonal polynomials ¢: x; =y, X, = xp,, ¥ =

Y.
3. Direct Learning using normal polynomials ¢;: x; = X, Xo =y, Y& = ¢y.
4. Direct Learning using orthogonal polynomials y: x; = x,, X2 =y, Yk = Y.
Defining ;. () = yi(x(t — 7)) for t € Z and using the definitions of x; and x;, a

generalized version of expression 4.29 equals:

K Tmax—

1
B0 =Y Y i) (4.32)

k=1 1=0

A general description of the LS predistorter then becomes:

X, = [x(1), ..., (D" (4.33)
Yir = [Wie(Dsooo (DI (4.34)
I' = [¥10s s YKO> «os Yitpar=15 o> YKTman—11 (4.35)
x, = Ia (4.36)

The estimates a of the polynomial coefficients a are obtained via:

a=T"Tr)'Tx, 4.37)
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where & is the LS solution of the equation x, = I'a. The expressions, elaborated
for the four options, are given in appendix Al

4.2.2.5 The inverse of the PA memory polynomial

In the Indirect Learning scheme, the estimates of the polynomial coefficients (&)
can directly be used in the Predistortion block; the incoming data x is predistorted
using 4. In the Direct Learning scheme, however, the inverse of the memory
polynomial has to be determined. A procedure to approximate the inverse of a
memory polynomial in case of a Direct Learning scheme, was presented in [61].
It is based on the general memory polynomial, used in the Direct Learning scheme
with a memory length equal to two. The estimated behavior of the PA model is
then described by expression 4.4 using the estimated polynomial coefficients dy,
where 7,,,, equals 2. Expression|4.4 can then be rewritten into another format:

Y(@) = Bo(lxp(DDxp(1) + Br(lx,p(t = DDx,p (2 = 1) (4.38)

where

K

Bex) = D g (4.39)
k=1

Qir = é\lk‘r (440)

The purpose of the inversion algorithm is to determine the predistorted value x,(f)
based on y(), x,(t — 1) and @,. Expression|4.38|is therefore rewritten as:

1
Boll (D) ) (y(t) =Bl x,(t = 1) Dx,(t — 1 )) 4.41)
P

The problem with this expression is that | x,(¢) | needs to be known in order
to calculate x,(7). So, before computing its value, x,() is already used. In [61], it
is suggested to get around this problem by using y(r) as an initial value (x)" =
¥(1)). The algorithm then calculates a new estimate of x,(¢), uses this as the next
initial value, calculates a new estimate etc. This process is repeated until a stable
estimate of x,(7) is obtained. In [61] it is indicated that a stable value is obtained
after one or two iterations. However, from simulations we found that the algorithm
only gives satisfactory results if the PA model satisfies two conditions.

First, the memory effects should not be severe which means that the 5, values

should be significantly smaller than the 3, values. If this condition is not satisfied,

xp(t) =
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Bo becomes small, destabilizing the algorithm. If, for example, the PA model only
delays the signal with one sample, a;y = 0, Vk, which implies that Sy(x) = O.
This results in a ’division by zero’ error in expression 4.41

Second, the distortion should be weak; the first order parameter @, should be
close to 1. If the distortion of the PA model is severe (a;y << 1), the difference
between x“" (the initially assumed value of x,) and the real value of x, might be
significant. This destabilizes the algorithm as well. To cope with amplifiers with
severe distortion and memory effects, we modified the algorithm in two ways.
First, in case of severe memory effects where a;; > a9, we define a, = a and
use an additional delay in the predistorter:

e = Qi if a1 < @y (4.42)

= Oz i Gy > 4y

This measure prevents S, from becoming too small. Second, instead of using
xinial(r) = y(t) we used as initial value for 7 > 1:

. 1
x;utlal(t) = (y(t) _ﬁ](l xp(t -1 |)xp(t - 1)) (4.43)

ao

The part between the large brackets takes into consideration the memory ef-
fects from the beginning. The effects of the first order component differing from
1 are canceled by division with 9. For 7 = 1, we used: x" = y(r). In all sim-
ulations where a Direct Learning scheme is involved, the inverse of the PA model
is determined using this algorithm.

4.2.3 Implementation aspects

The complexity of the algorithm to estimate the polynomial coefficients a, is at
least O(T): the number of complex multiplications scales linearly with the num-
ber of samples 7" used to update the predistorter polynomial coefficients. To be
more precise, in general Kt,,, is small compared to 7. Then, the complexity is
basically determined by the following two operations: I''T" and I'¥’x,, where I is
aT X Kt,,, matrix and X, is a T-element column vector. The number of com-
plex multiplications within I'T equals (KT,,q)* - T and within I'’x,, the number
of complex multiplications equals K, - T. The matrix inversion (F'*T")"!) re-
quires (KT,.4c)° complex multiplications (see [73], pg. 48). The total number
of complex multiplications therefore equals K7,u(KTmax + 1) T + (KTpax)® =
Kt KTypar + 1) - T.
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Figure 4.7: Mapping and architecture specification of the predistorter

4.3 Mapping

After the architecture specification and the functional specification of the first iter-
ation of the Analog-Digital Codesign of a digital predistorter for PAs in telecom-
muncation transmitters, the mapping is the third phase. In the mapping phase, the
application (algorithm) is mapped onto the set of architectures.

Within a telecommunication transmitter, the functionality involved in the dig-
ital predistortion at baseband is generally mapped onto the functional blocks as
illustrated in figure4.7.

The Predistortion and Predistortion Control blocks are mapped to the digital
part of the system. The advantages, compared to analog predistortion and ana-
log predistortion control, are that a greater degree of precision can be achieved
when computing the predistortion coefficients (see [56]) because digital signal
processing functions can be used of which analog equivalents are not available.
Furthermore, instability due to temperature changes and ageing is of less concern
and there are many options for the implementation of the digital signal processing
part.

The first stage of the Digital to RF functionality consists of a Digital-to-Analog
Converter (DAC) and the necessary analog band-limiting filters. The second stage
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consists of an analog frequency converter that converts the analog baseband signal
into an analog RF signal. This RF signal is the input of the PA.

To monitor the behavior of the PA continuously, a feedback path is present.
The purpose of the RF to Baseband functionality within the RF to Digital block is
to convert the RF output of the PA to an analog baseband signal. The last stage of
this functionality is the ADC.

According to this mapping, the design of the Predistortion and Predistortion
Control blocks is part of the digital design process while the design of the Digital
to RF and RF to Digital blocks is part of the analog design process. The design
of the ADC and the DAC is included in the analog design because of the reasons
mentioned in chapter 2.1. The design of the ADC is more demanding than the
design of the DAC. Therefore, in the remainder of this thesis, the focus will be
on the Analog-Digital Codesign of the Predistortion Control and the RF to Digital
blocks.

Note that we exclude the use of digital IF. When using digital IF in for ex-
ample the RF to Digital block, the RF signal is first converted to an intermediate
frequency in the analog domain. A high frequency ADC then converts the ana-
log signal into a digital-IF signal. In the digital domain, this signal is frequency
converted from IF to baseband. Because we want to investigate the effects of
quantization in the feedback path using a baseband-equivalent model, we do not
analyze transmitters using digital-IF.

4.4 Performance analysis

4.4.1 Performance in case of high resolution quantization

The performance of the LS predistorter has been analyzed using the simulator
described in section|3. Some general settings are summarized in table|4.1:

Parameter | Value Function

T 8k | Samples within 1 cycle
Neyeles 40 Number of cycles

w % weight of &;

M 9.8 Oversampling factor

Table 4.1: General simulator settings

We start the simulations without using an ADC in the feedback path. The output,
obtained from the baseband equivalent PA model, is passed without quantization
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Figure 4.8: Accuracy of the ACI-level estimates as function of the number itera-
tions

to the Predistortion Control block. For both polynomial types (normal and orthog-
onal) we only use odd polynomials up to the fifth degree.

As mentioned in table (4.1, the number of cycles on which the average per-
formance of the predistorter is based equals 40. This number was chosen after
simulations for different number of cycles (different values of Ngy..s). In these
simulations, we used the LS predistorter, Indirect Learning and normal polyno-
mials. We simulated 1200 cycles and divided them into blocks of Ny cycles.
Within one block, we calculate the average Adjacent Channel Interference (ACI)
levels. So, for each value of Ny, we have a set of 1200/N,y..s average ACI
levels and we calculated the mean, the standard deviation and the maximum devi-
ation of these average ACI levels. For different values of Ny, these three values
are given in figure |4.8|

We see that the standard- and maximum deviation reduce if the number of
cycles Neyees, Over which the performance level is calculated, increases. This is to
be expected; more data leads, in general, to a more accurate estimate. From that
point of view Ny, should be as large as possible. The simulation time however,
increases linearly with the number of cycles Ny.s. A value of 40 for the number
of cycles is a trade-off between accuracy and simulation time. For Neye.; = 40, the
standard deviation on the estimate of the power in the adjacent channels is around
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Figure 4.9: Performance LS predistorter

3 dB.

Using 40 cycles for every simulation run, we determined the performance
(ACI levels) of the LS predistorter as a function of the standard deviation of the
predistorter input signal x. For the simulations we used the Wiener-Hammerstein
PA model given in section (3.5l The results are presented in figure|4.9.

The performance is presented for all four schemes: Direct Learning with nor-
mal polynomials, Indirect Learning with normal polynomials, Direct Learning
with orthogonal polynomials and Indirect Learning with orthogonal polynomi-
als. The range of the standard deviation of x(¢) is determined by the actual PA
model (see section 3.5)). The actual power of the input signal is not relevant, only
the performance of a scheme in relation to the performance of other schemes is
important. We see that for small standard deviations at the input (< 0.035), the
distortion in case no predistortion is used is small (below -70 dB) and the LS
predistorter does not give an improvement. On the contrary, the LS predistorter
increases the power levels in the adjacent channels as can be seen from figure
4.9. For standard deviations larger than 0.035, the distortion increases and the LS
predistorter gives a significant suppression of the ACI levels. The maximum sup-
pression appears for a standard deviation at the input of approximately 0.09 when
using normal polynomials. Simulation results are available for an input standard
deviation of 0.0875. For this input level, the ACI levels are reduced from -47 dB
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Figure 4.10: Compression LS predistorter

to -63 dB. For standard deviations roughly between 0.06 and 0.1, the LS predis-
torter using normal polynomials performs better than the LS predistorter using
orthogonal polynomials. The reason for this is that odd normal polynomials up to
the fifth degree better fit the PA model than odd orthogonal polynomials up to the
fifth degree. This is because the non-linearity of the PA model is also described
by odd normal polynomials up to the fifth degree (see section(3.5).

For large standard deviations (> 0.11), the suppression of ACI levels is neg-
ligible. When using normal polynomials in the Indirect Learning scheme, the
predistorter even increases the ACI levels.

Besides the ACI levels, the compression of the Predistortion-PA model com-
bination is an important measure of the performance. In the ideal case, the com-
pression as defined in expression 3.18, equals 0 dB (the gain of the combination
of the Predistortion block and the baseband-equivalent model of the PA, after cor-
rection with the linear gain G, equals one). The compression of the signals with
and without predistortion is presented in figure 4.10\

From the simulations, we see that the compression in case no predistortion
is used, is increasing for an increasing standard deviation. Note that more neg-
ative values indicate a larger compression. When using predistortion, the com-
pression is reduced for all four schemes which implies that the Predistortion-PA
model combination delivers more power than in case no predistortion is used,
although the difference is very small. When using normal polynomials in the In-
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direct Learning scheme, the predistorter even increases the power level. In this
case, the ACI levels are also increased (see figure [4.10) which indicates that the
predistorter actually cannot deal with the increased power level correctly.

In general, the design of the predistorter-PA combination will be dimensioned
in such way that, in all cases, the transmission mask of the applicable standard
is always satisfied. If, for example, the maximum allowed ACI levels equals -
60 dB, the maximum allowed standard deviation at the input of the predistorter
equals approximately 0.08 in case predistortion is not active. For any predistortion
scheme, if active, the maximum allowed standard deviation at the input of the
predistorter is 0.1. So, the predistorter-PA combination can deliver approximately
2 dB more power than the PA without predistortion.

We conclude that the Predistortion-PA model combination behaves more lin-
early and leads to a lower compression than the PA without predistortion for a
restricted range of the standard deviation of the input signal.

4.4.2 Effects of quantization

In [74], an analysis of quantization in digital predistortion is given. This analy-
sis mainly deals with the effects of quantization in the digital part of the system.
These effects are called ’limited wordlength effects’. Because of the continu-
ing miniaturization in especially the digital domain, limiting the wordlength in
the digital signal processing part of the predistortion system is not of utmost im-
portance. However, for the ADC in the feedback path, wordlength (resolution) is
important. Because of the increasing bandwidth and/or resolution requirements of
recent communication standards, the specifications for the ADCs are demanding
leading to relatively high costs and power consumption. Costs and power con-
sumption can, in general, be reduced when ADCs with a lower resolution (less
bits) are used (see figure [1.5). Using a lower resolution leads to an increase of
quantization errors. For that reason, an ADC is included in the simulation model
enabling the simulation of the effects of quantization errors.

Determining the absolute complexity of an ADC is not our main interest. We
will concentrate on the relative complexity; will the complexity increase or de-
crease by changing some of the specifications. In general, by reducing the reso-
lution (the number of bits) of an ADC, the complexity is reduced. If we look for
example at a b-bit full-flash ADC with a voltage input (see [5], section 4.4), the
input voltage is compared with 2% — 1 reference voltages. This means that all these
voltages have to be generated and more importantly, 2° — 1 comparators have to
be used for the comparison. The 2” — 1 comparator outputs have to be coded into
b bits by digital logic. To code the outputs into b bits, b(2°~! — 1) comparisons
have to be performed. Reducing the number of bits reduces the number of refer-
ence voltages to be produced, reduces the number of comparators and reduces the
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complexity of the digital coding part.

In [5], section 2.4, the accuracy or linearity of an ADC is specified through
the Integral Non Linearity (INL) and Differential Non Linearity (DNL) specifica-
tions. The INL is the deviation of a reference voltage from the ideal value. The
DNL describes the deviation from ideal for the difference between two adjacent
reference voltages. Both INL and DNL are specified over the full range of the
ADC input. It is common practice to specify INL and DNL in least significant
bits (LSB). One LSB corresponds with the ideal difference between two adjacent
reference voltages.

The linearity requirement or more precisely, the allowed non-linearity of the
ADC in the RF to Digital block in the feedback path of a Digital Predistortion
system, is determined by the non-linearity of the PA; the non-linearity of the ADC
should be negligible compared to the non-linearity of the PA. When specifying the
INL and DNL of the ADC in LSBs, one should be aware that the specifications
change when changing the resolution of the ADC. Every time the number of bits
is reduced by 1, the specification (in LSBs) should be divided by a factor 2. This
reflects that the number of comparators and reference voltages is reduced when
the resolution of the ADC is reduced but the accuracy of the remaining reference
voltages and comparators, remains equal.

The effect of reducing the resolution of the ADC is that more quantization
noise is produced. Suppose we have an ideal ADC (INL = 0, DNL = 0) with b
bits and input range [-A..A]. An estimate of the power of the quantization noise
then equals: 1—12(2,?%1)2 (see [3], pg. 11). The amplitude peak-to-average ratio of the
input signal is defined as k and the peak is the largest signal excursion at the input
which still fits within the input range of the ADC. This implies that the power
of the input signal equals 2—22. The SNR, expressed in decibels, at the output then
equals:

SNR

A% /K>
10 - log (7_ )
%AZ/(zb 1)2

= 6.020+4.77-20logk

(4.44)

For a sinusoidal input signal, covering the entire input range of the ADC, the
amplitude peak-to-average ratio k equals V2 (see [5], p. 12).

Reducing the resolution of the ADC with one bit reduces the SNR at the output
of the ADC with 6 dB.

As illustrated in section|1.3, figure |1.7, the quantization noise will not be in-
dependent of the original signal if the number of bits becomes small; there is
correlation between the original signal and the quantization noise. A way to re-
duce this correlation is to add a so-called dither signal to the original signal (see
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Figure 4.11: Addition of a dither signal in LS Predistortion

for example [75], [90] and [91]). For the LS predistorter, this means that a dither
signal is added before the ADC, see figure(4.11,

For the analysis of the effects of quantization on the performance of the LS
predistorter, the dither signal is a complex signal where the real and imaginary
parts are independent. Both the real and imaginary parts have a uniform distribu-
tion and the range equals d LSB. The bandwidth equals the bandwidth of the orig-
inal signal. A uniformly distributed dither signal with a range of d LSB roughly
adds noise with power d? times the power of the quantization noise. Thus the SNR
of the signal after adding the dither signal and after quantization becomes for d
close to 1:

A%k
SNR = 10-log ;
(5A2/(20"1)2) - (1 +d?) (4.45)
~ 6.02b + 4.77 — 20 logk — 3.01d

4.4.3 Performance in case of coarse quantization

To analyze the effects of quantization in the feedback path on the digital sig-
nal processing algorithm, the standard simulator settings, in table/4.1, were used.
Furthermore, we use a b-bits ADC in the feedback path. The Headroom factor H
of the ADC equals 4.

As standard deviation for the input signal x(7), we used the value where the
best performance was obtained. This is an input standard deviation of 0.0875 (see
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figure 4.9). In figure 4.12, the performance as a function of the resolution of the
ADC in the feedback path, is given. Note that we did not yet inject a dither signal.

The performance of the LS predistorter is stable for a resolution of 4 bits or
more. For 2 and 3 bits, the performance decreases drastically. To understand this
behavior, we investigated the effects of quantization more deeply.

If we consider quantization in the feedback path of the predistortion system,
the PA output converted to baseband y (see figure/4.11) contains quantization noise
and the power of this quantization noise depends on the resolution of the ADC in
the feedback path. Modeling the effects of the noise on digital predistortion differs
for the two learning schemes. We start with an analysis of the Direct learning
scheme. In the Direct Learning scheme, the estimates of the coefficients of the
memory polynomial are the elements of the solution of equation|4.36/ We repeat
this equation:

x,=I"-a (4.36)

Because of the Direct Learning scheme, x, corresponds with the feedback signal
y and the elements of I' are determined by x,. If y is quantized, equation |4.36
becomes:
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xx+n=I'-a=>x=I-a-n (4.46)

where n = [n(1),...,n(T)]! is a vector representing the quantization noise. We
assume that the average or expected value of the elements of the noise vector n
equals zero: E(n) = 0. Furthermore, we assume that y and x, are wide sense
stationary and the quantization noise is independent of y and x,. We also assume
that the quantization noise is independent for the different samples of y. For the
formal description of this property, the dispersion matrix V is used. The dispersion
matrix of the quantization noise vector n is defined as:

V(n) = E(mn®) (4.47)

The dispersion matrix is often referred to as the ’dispersion’ or ’covariance
matrix’. Also, the terms ’variance-covariance matrix’ and ’covariance matrix’ are
used interchangeably.

The element on the i-th row and j-th column of V(n) is denoted as V;; and
indicates the dispersion between the i-th and j-th element of the noise vector n.
For the elements on the diagonal (i = j), the dispersion is called variance. The
assumption that the quantization noise is independent for the different samples of y
means that there is no correlation between the elements of the noise vector n which
implies that V;; = 0 for i # j. Because y is a wide sense stationary process, the
variance of the elements of the noise vector n is equal for all elements: V; = O'f],
fori =1,...,T. The above is shortly described by:

V() = Emn") = o1 (4.48)

where I'is the identity matrix withI; = 1 fori =1,..,T and I;; = Ofori, j=1,..,T
and i # j. We will use the value 0'2 below.

Given expression|4.46; x, = I'-a—n, where x, and I" are known and E(n) = 0,
an estimate 4 of a is obtained by using the LS algorithm (see [72]). If quantization
and dithering is used, an estimate a of a is obtained. The expected value of a
equals a: E(2) = a. The dispersion matrix of the estimate &, which can be regarded
as a measure of the noise on the estimates, equals (see [72], p. 378):

V@) = o, )" (4.49)

If T is increased, the vector X, and the columns of the matrix I' become longer
(see expressions|4.33 to/4.35). If the columns of the matrix I become longer, the
elements of the matrix (I''T") generally become larger, especially the elements on
the diagonal. Because of the inversion of the matrix I''T’, the elements of the
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dispersion matrix V(4) become smaller for longer columns of I'. The most simple
case is the case where I consists of a single column. Then, I'’T" becomes a single
value equal to the sum of the squares of the absolute value of the elements of I'. If
longer vectors are used, more values are added leading to larger values for T'“T.
The inverse (I'“T")~! becomes smaller, leading to a smaller dispersion value.

In general, if the length of the vectors is doubled (7 is doubled), the values
of the elements of the dispersion matrix V(a) are divided by a factor 2. So, the
effects of quantization can be reduced by using more data as an input for the LS
algorithm. The parameter 7', which indicates the number of samples within one
cycle, is therefore called ’Integration Length’. Expression [4.44/ shows that the
power of the quantization noise increases with a factor 4 if the number of bits b of
the ADC is reduced with one. This means that for every bit less in the quantization
process the length of the vectors needs to be quadrupled to obtain estimates of the
polynomial coefficients a with equal accuracy.

When using coarse quantization (3 bits or less) in the feedback path, in com-
bination with normal polynomials, simulations showed that the behavior of the
LS predistorter becomes instable (see figure |4.12). The reason for this is that the
inversion of the matrix I'”T, within expression|4.37, cannot always be executed.
This stability issue is described in where it is suggested to use orthogonal
polynomials to solve the instability problem. To further analyze the effects of
coarse quantization in the LS predistorter, we used orthogonal polynomials. Fig-
ure|4.13 gives the performance as a function of the length T of the vectors with
and without dithering in case of 2-bit quantization in the feedback path using the
Direct Learning scheme.

In case of 2-bit quantization in the feedback path and no dither signal added,
it is clear that the LS predistorter increases the ACI levels dramatically. This
is caused by the correlation between the quantization noise and the original feed-
back signal y. Because of this correlation, the performance does not improve if the
length of the vectors T is increased. If a dither signal is added, the performance is
improved and depends on the Integration Length 7. If T is increased, the perfor-
mance increases. For an Integration Length of 8k samples, the algorithm reduces
the ACI levels below the ACI levels in case no predistortion is used. We have not
simulated Integration Lengths larger than 32k. This is because simulation times
become extremely long. Determining ACI levels in case of predistortion and 1 1sb
dither, required approximately half a week simulation time on a desktop PC with
an Intel Pentium 4 processor, running at 2.4 GHz. Because the trend of reduced
ACI levels for longer Integration Lengths is clearly visible, we did not simulate
beyond Integration Lengths of 32k samples.

The analysis, presented above, uses the Direct Learning scheme and orthog-
onal polynomials. Results of the Direct Learning scheme in combination with
normal polynomials are not presented. This combination did not lead to stable



4.4. PERFORMANCE ANALYSIS 87

4
-20- b

-25[ =
—t no dither

~©— 1 Isb dither
—— no predistortion

|
W
o
T
1

ACl levels (dB)
é
(3]
T
|

-55 ! ! o
2K 4K 8K 16K 32K
Integration Length

Figure 4.13: Performance LS predistorter with 2-bit quantization, Direct Learning
and orthogonal polynomials.

behavior in case of 2-bit quantization, as was expected.

For the Indirect Learning scheme, the analysis using the dispersion matrix
cannot be used. The quantization generates quantization noise (errors) on the PA
output y and this quantized signal is used to fill the matrix T, see expressions|4.34
and |4.35| where v;.(f) = y;(y(t — 7)). For filling the matrix, powers of y(f — 7) are
generated. Therefore, the elements of the matrix I' have different noise powers.
The effects of these noise powers on the final estimate a of 4, are not known.
As far as we know, they cannot be derived easily either. We therefore will only
present the simulation results for 2-bit quantization using orthogonal polynomials
(see figure [4.14) without further analysis.

The performance in case of predistortion and quantization is worse than in case
no predistortion is used. Adding a dither signal does improve the performance to
such an extend that a small suppression of ACI levels is obtained compared to the
no-dither case. However, the ACI-levels are still above the levels in case no pre-
distortion is used. Furthermore, increasing the Integration Length does not reduce
the ACI levels. Obviously, quantization leads to systematic errors in the estima-
tion of the polynomial coefficients, which limits the performance. A final remark
is made concerning the polynomial coefficients a, 4 and a. In the remainder of this
thesis, we will use a to indicate an estimate of a, irrespective whether quantization
is used or not and we will not use & anymore.
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Figure 4.14: Performance LS predistorter with 2-bit quantization, Indirect Learn-
ing and orthogonal polynomials.

4.4.4 Opverall system timing

In this section, we analyze the timing of the overall system for a typical scenario.
The system timing depends on the value of the parameter w, the weight given
to newly obtained predistorter settings (see section |3.7, expression [3.12). Fur-
thermore, system timing is also based on more practical issues like the available
processing capacity. Below we will describe the dependency on both aspects.

If newly obtained settings are given weight w, the old settings are given weight
1 —w. For decreasing values of w, the contribution of previously obtained infor-
mation concerning the non-linearity of the PA, is increasing. However, the system
will respond more slowly to changes in the behavior of the PA.

In the simulations described in section|4.4.1, we used w = % Reducing this
value, giving the newly obtained estimates less importance, did not affect the per-
formance of the algorithm considerably. Furthermore, after starting up the simula-
tions, the algorithm gave stable reduction of ACI levels after 10 cycles where each
cycle contains 8k samples. So in total, after 80k samples, the system stabilizes.
This number of samples can be used to calculate the time it takes for the system to
stabilize. If we refer to a UMTS system, the sampling frequency equals 49 MHz in
case of an oversampling factor of 9.8 and a bandwidth of 5 MHz. 80k samples are
obtained in approximately 1.7 ms. So, the system stabilizes after approximately
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1.7 ms.

The behavior of the PA can change because of aging and temperature changes.
Aging will surely not change the PA behavior on millisecond timescales. The tem-
perature changes of the PA, on these timescales, can be caused by changes of the
number of user-signals transmitted simultaneously via the PA (self-heating). The
number of user-signals, transmitted on a single carrier by a UMTS base station,
can change per UMTS frame of 10 ms. Thus, the number of users per carrier is
constant within a frame. The time it takes the predistorter to adapt to a change
in PA behavior and the time for which the PA behavior is constant, are within
the same order of magnitude. For IEEE802.11b and IEEE802.11g the sampling
frequency equals 20 MHz. 80k samples are obtained in approximately 4 ms.
Since the power output of the PA is constant, self-heating is not an issue for these
standards and the algorithm will be able to track the environmental temperature
changes.

System timing is not only based on the value of the parameter w. The available
processing capacity is important as well. There are numerous ways to implement
the Predistortion Control block. We will not elaborate different alternatives but
choose one implementation. For a typical scenario, we estimate the number of
processor cycles that are needed on a Texas Instrument Floating Point Digital
Signal Processor out of the C67x family. We chose this processor because it is
tailored towards DSP applications, it is widely used and benchmarks are available
(see [76]). Based on this, we estimate the amount of time needed to execute the
predistortion control algorithm of the LS predistorter and determine the update
rate of the predistorter.

As a typical scenario, we chose the UMTS application with sufficient reso-
lution in the feedback path. We estimate the overall time it takes to sample data
which acts as input for the LS predistorter, the overall time it takes for the algo-
rithm to calculate new predistorter settings and the effects of these figures on the
system functionality.

The time it takes to gather sufficient samples to calculate new predistorter
settings is based on the sampling rate and the number of samples used by the LS
predistorter. In our simulations, the number of samples, used initially, equals 8k
(T = 8k) and the sampling rate equals 49 MHz. With this sampling rate, gathering
8k samples takes approximately 167 us.

The tasks that have to be executed by the Predistortion Control block basically
are:

e Generating the powers ;. (see section|4.2.2.4). We use a memory depth of
2 (t = 0,1) and only odd polynomials up to the fifth degree (k = 1,3,5).
Therefore, to every sample, six values vy, are related. Generation of these
values can efficiently be implemented by means of a look-up table, realized
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in Random Access Memory (RAM) or Read Only Memory (ROM). These
values can be generated in real-time, sample-by-sample. This process will
therefore not influence the overall system timing.

e Executing the LS predistortion control algorithm: 4 = (I'T")"'I'x, (ex-
pression [4.37). The result of the algorithm is the vector 4. In the Indi-
rect Learning approach, this vector, containing the coefficients of a memory
polynomial, is directly used within the Predistortion block. In the Direct
Learning approach, the Predistortion block has to use the inversion proce-
dure, described in section 4.2.2.5, to predistort the signal. In this analy-
sis, we restrict ourselves to the timing analysis of the Predistortion Control
block and the consequences of its implementation on overall system behav-
ior. Executing the inversion procedure, in case of Direct Learning, will be
part of the Predistortion block.

In appendix|C, the execution time for the LS predistorter on a 300 MHz Texas
Instruments C67x processor, is estimated. The execution of the LS predistortion
algorithm approximately takes 2.3 milliseconds.

So, processing 167 us of data takes approximately 2.3 ms. Because we average
new predistorter settings with old settings, it will take more than 2.3 ms to respond
to changes of the non-linearity of the PA. The fraction of data that is used to track
the behavior of the PA equals 167 1076/2.3 1073 x 100 % ~ 7.3 %.

When using coarse quantization, the Integration length (the number of samples
on which a new estimate of the predistorter non-linearity is based) has to increase.
The required processing time will increase linearly with the Integration Length.

4.4.5 Evaluation of the LS predistorter

Based on the performance analysis of the LS predistorter, the conclusions are:

e The LS predistorter can be used to reduce the non-linearity of PAs.

e The complexity (the number of complex multiplications) of the Predistor-
tion Control block scales linearly with the number of samples on which an
estimate of the coefficients of a memory polynomial is based. The mem-
ory polynomial is used to model the non-linear behavior of the PA and the
estimated coefficients are used to predistort the signal to be transmitted.

e The Indirect Learning scheme cannot be used in combination with coarse
quantization. Furthermore, normal polynomials can also not be used in
combination with coarse quantization.
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The only scheme that can be used in combination with coarse quantization is the
Direct Learning scheme using orthogonal polynomials. For this scheme:

e The effects of noise on the feedback signal can be reduced by using more
data to estimate the polynomial coefficients.

e Coarse quantization in the feedback path, without using a dither signal, re-
sults in quantization noise which is partly correlated with the original signal.
This prevents the LS predistorter from functioning correctly.

e The correlation between the quantization noise and the original feedback
signal can be reduced by adding a dither signal to the signal before the
ADC. We used uniformly distributed noise, independent for the real- and
imaginary part.

e The resolution of the ADC in the feedback path can be interchanged with
the Integration Length in case a dither signal is added. Using less bits in the
quantization of the feedback signal can be compensated by using more data.
Using more data implies that the complexity of the digital signal processing
part increases.

Concerning the Analog-Digital Codesign of a digital predistorter for PAs, we
have seen that the digital complexity of the LS predistorter is considerable. It
scales linearly with the number of samples used to determine the non-linear be-
havior of the PA.

We have also seen that we can reduce the complexity of the analog part of
the predistortion system by reducing the resolution of the ADC in the feedback
path. However, in that case, more data is necessary to estimate the non-linearity
of the PA and hence the complexity of the digital part is increased. Concerning
the processing capacity needed to handle the increased complexity, there basically
are two options:

e While increasing the size of the dataset because of reduced resolution of the
ADC in the feedback path, the processing capacity is kept constant. The
consequence is that, after capturing the necessary data, the time it takes to
calculate new predistorter settings will increase. In applications where the
non-linear characteristics of the PA only change slowly, this is acceptable. If
the processing capacity is relatively small and the PA characteristics change
relatively fast, the digital predistortion might become too slow.

e While increasing the size of the dataset, the processing capacity is increased
accordingly, keeping the time it requires to calculate new predistorter set-
tings constant. So, when reducing the complexity of the analog part by
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reducing the resolution of the ADC in the feedback path, the digital pro-
cessing capacity is increased.

The effects of both options, slower responses or increased complexity, are not
always acceptable. For that reason, in the next chapter, we will search for a pre-
distortion control algorithm:

e which has a lower complexity than the LS predistorter.

e of which the complexity does not scale with the number of samples on
which new predistorter settings are based.

In the context of the Analog-Digital Codesign of a digital predistorter for PAs
using the Y-chart approach, we decide to make use of the feedback path from
"Performance Numbers’ back to *Functional Specification’ (see figure|1.11).



Chapter 5

The Crosscorrelation Predistorter

The most important conclusion of the performance analysis of the LS predistorter
is that it is desirable to go through a second iteration of the design process accord-
ing to the Y-chart approach. This second iteration has to start with the ’Functional
Specification’ also called *Application Design’. Within the application design
phase, we have to develop a new algorithm which has a constant complexity, in-
dependent of the number of samples on which new predistorter settings are based.
This new predistortion control algorithm will be called ’Crosscorrelation predis-
torter’ !. Besides this explicit feedback from ’Performance Numbers’ to ’Func-
tional Specification’, there is no need to change the architectures. Within the
second iteration, we use the same architecture as in the first iteration. So, within
the second iteration there is no need for an *Architecture Specification’ activity.

Because we plan to change the *Application’, we need to check the "Mapping’
after which we can start the ’Performance Analysis’ of the second iteration. The
functional specification, mapping and performance analysis are described in this
chapter.

5.1 Functional specification

5.1.1 AClI-level requirement

For the Crosscorrelation predistorter, we use the same requirements concerning
the allowed AClI-levels as for the LS predistorter (see section4.2.1).

I'The Crosscorrelation predistorter has been the subject of the following publications: [41, 5],

[6] and [7]

93
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5.1.2 Algorithm specification

As for the LS predistorter, the Crosscorrelation predistorter is based on alternative
2 (see figure/5.1).

X . . .. Xrf
Predistortion Digital to RF =
Alternative 1 Alternative 2
Xp
Predistortion . Vrf
Control y RF to Digital

Figure 5.1: Block diagram of Digital Predistortion with feedback

The predistorted signal x, and the feedback signal y are used to determine the
baseband equivalent non-linear behavior of the PA. The signal y can be written
as a function of the signal x, (Direct Learning) or vice versa (Indirect Learning).
This is generally described in section 4.2.2

In the LS predistorter, an estimate of a signal, generally named x,, is con-
structed via linear combination of polynomial basisfunctions y;., using the least
squares criterion. In the Crosscorrelation predistorter however, the signals ;. are
not combined directly. We first determine the crosscorrelation function of x, with
a reference signal r and the crosscorrelation functions of y,, with r, where r will
be specified furtheron. We call these crosscorrelation functions x5 and ;. respec-
tively. The relation between the time signals x,(#) and y;.(¢) is determined by the
coefficients a;. (expression|4.32). Below we will show that the relation between
the crosscorrelation functions x) and ;. is also determined by a;.. The starting
point is expression 4.32, We repeat this expression:

K Tmax—

1
B0 =YY awn) (4.32)

k=1 1=0

The crosscorrelation functions x5 and vy, are defined as:
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iL
1 2
x(n) = lim > Fwxa(u+n) (5.1)
u:—%L+l
&
Viel) = lim — > 7 w)yeelu + ) (5.2)

u=—1L+1

where * indicates the complex conjugate. Replacing x, in expression|5.1 with the
right part of expression 4.32/leads to

%L K Tmax_l
1
xnm) = lim - ) r*(u)(z > aanT(u+n)) (5.3)

u=—L1+1 k=1 =0

By changing the order of the summations, we obtain:

K Tyax— 3L
xy(n) = Z > akT(hm oy r*(um(um))

= __1
k=1 7=0 u=—5L+1

K Tmax—

> Z e Yjr (1) (5.4)

k=1 7=0

The relation between the time signals x,(f) and y;.(f) is determined by the coef-
ficients ay, but also the relation between the crosscorrelation functions x5(n) and
v;.(n) is determined by a;.. Later on in the description of the algorithm we also
do some additional processing on the crosscorrelation functions. Below we will
show the correctness of these processing steps.

If we taper the crosscorrelation functions with a tapering function h(n), the
following holds:

K Tmax—

h(n)- > Z AV (1)

k=1 7=0

h(n) - x,(n)

Tmax

K
> Z e () - Ve () (5.5)

k=1 =0

This means that, if we multiply the functions x’(n) and y;.(n) with the same func-
tion h(n), the relation between the resulting functions is still determined by the
coefficients ay..
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Furthermore, we will apply the DFT on the tapered crosscorrelation functions:

K Tpax—1

DFT (h(n) - Xy(n)) = DFT(h(n)- > Y ixy}r(m))
k=1 1=0

K Tmax—

1
= 3 > a.DFT((hm) - vim))  (5.6)

k=1 7=0

At the end we multiply the spectra with a function f(n), similar to tapering the
crosscorrelation function:

K tTha—1

f()-DFT(h(n)- > Y~ aieyje ()

k=1 =0

f(n) - DFT ((n) - x3(n))

K a1

> a

k=1 7=0

(f(n) - DFT((h(n) - V;T(n)))) (5.7)

The relation between the *'modified’ versions of x, and vy is still determined by
the coefficients ;.. In a predistorter system, x,(#) and y;.(¢) are known and within
the LS predistorter, they are directly used to determine the coefficients a;, by
means of least-square error estimation. The general idea behind the Crosscorre-
lation predistorter is not to use the 'time’ signals x,(¢) and y;.(¢) but to use the
"modified’ versions f(n)- DFT(h(n) - x4(n)) and f(n) - DFT (h(n) - y;.(n)) instead.
The advantage is that the processing requirements can be reduced considerably
and can be made independent from the number of samples, used to estimate the
polynomial coefficients a;..

We will now describe the processing steps in more detail. We first have to
determine the reference signal r(¢) which is crosscorrelated with x,(7) and y;.(?).
We chose to crosscorrelate with a clipped version x, of the complex signal x,, (see
figure|5.2).

The conversion to a clipped signal is defined as:

r(t) = xo(x,) = sign(Re(x,)) + i - sign(Im(x,)) (5.8)

where sign() is defined as:

-1 0
sign(x) = {1 ii 5 (5.9)
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X . . xp .. xrf
—=| Predistortion Digital to RF —
Clipping
)
Predistortion . Vrf
Control v RF to Digital

Figure 5.2: Digital Crosscorrelation Predistortion

Using a clipped signal as one of the operands of a crosscorrelation instead of the
full precision representation, drastically reduces the complexity. The four real
multiplications involved in a complex multiplication become very simple to im-
plement: if the first operand of a real multiplication equals 1, the second operand
is left unchanged. If the first operand equals -1, the sign of the second operand is
reversed.

In the following, we describe the algorithm that has been implemented in Mat-
lab and used in the simulations.

In figure [5.3] the generation of the crosscorrelation function x5 is illustrated
schematically. The crosscorrelation functions vy, are generated similarly.
The signal x, is crosscorrelated with the reference signal r (see expression|5.1).
As reference signal we use xg (r = xp). From the complex conjugate xj, we
select T — N + 1 samples that are ’in the middle’ of the total set of 7" consecutive
samples available to the predistorter. These samples are piecewise multiplied with
an equal number of samples of x,. These samples originate from ’earlier’ time-
windows than the time-window from which the samples for x, are selected (n <
0), from a time-window that exactly matches the time-window for xy (n = 0)
and from ’later’ time-windows (n > 0). This is indicated in the upper part of
figure After piecewise multiplication, the products are summed, leading to
a single value for every shifted time-window of x,. Piecewise multiplication and
summation are realized by the matrix-vector multiplication as indicated in the
lower part of figure|5.3. Every resulting value is based on an equal number of
products: (T — N + 1). Since in practice T >> N, the number of products on
which the resulting values are based, approximately equals the Integration Length
T. An algebraic description of crosscorrelation is given below.
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Figure 5.3: Schematic overview of the generation of crosscorrelation functions
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The samples, selected according to the time windows given above, are stacked
into vectors and the vectors for x, and vy, are stacked into matrices:

1 1 ’
Xp = {xQ(xp(EN + 1)), ., x0(x, (T — EN + 1))} (5.10)

We define the matrix X, as:

X, = [[xz(l), wuxo(T-N+DI, ...,

T (5.11)
[x2(N), ..., Xz(T)]T]
Similarly, we define I'y; fork =1,..,Kand 7 =0, ..., 7)0r — 1:
[ = [['yk'r(xl(l)), e Ve (T =N+ D), ...,
(5.12)

T
[Vir (X1 (N)), .., Vie (X3 (T))]T}

The crosscorrelations are then easily described by means of matrix-vector prod-
ucts:

Yie = TuXp (5.13)
x, = Xoxp (5.14)

The crosscorrelation vectors ;. and x;, are tapered with a tapering function to
reduce the effects of the limited number of values of the correlation function (in
the ideal case N is infinite). There are several options (Hamming-, Hanning-,
Blackman-tapers) and simulations have shown that the performance of predistor-
tion is not influenced significantly by the choice of the tapering functions. We use
the Hanning taper:

1
h(j) = 51 = cos@n(j - /(N = 1)) (5.15)

H = diag(h(1), ..., hi(N)) (5.16)
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where ’diag(h(1), ..., i(N))’ indicates a diagonal N X N matrix where H; = h(i). A
Discrete Fourier Transform is applied to the tapered crosscorrelation vectors:

f. = WHy, (5.17)
f = WHx, (5.18)

where W equals the DFT kernel. The elements w,, of the kernel are defined as:

Wy = € 2T @D (5.19)

If the vectors (spectra) f;, are concatenated into a matrix F = [fj, ..., fxo, ...,
fir, -1, fkr,,—1] and the vector a is defined as a = [ajo, ..., ko, ---s Q11 —1»
gy, ~1]7, the memory polynomial predistorter is described in the frequency
domain as:

f = Fa (5.20)

The least squares solution minimizes the absolute error over the frequency do-
main. Because the spectra have a relatively low power spectral density in the
adjacent channels, the absolute error in the adjacent channels might be small, but
the relative errors can be (too) large. For that reason, we want to minimize the
relative error. This is realized by normalizing the spectra with f:

Quel) = Jj;(ff)) (5.21)
gir = [8ke (D), .., Gae(N)]” (5.22)
G = [810s s BKO» s Blrypr—1» s EKrppu1 ] (5.23)
The N element vector g is defined via:
gn) = % =1, n=1,.,N (5.24)

The normalized version of expression (5.20) becomes:
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g =Ga (5.25)

The least-squares solution & equals:

a=(G"G)'G"g (5.26)

To reduce the effects of noise on the correlation functions g,, we select only
those vector elements which represent the power in the main channel and the first
adjacent channels leading to vectors g and g, with limited length.

5.1.3 Implementation aspects

The complexity of the LS predistorter is at least O(T"); the number of complex
multiplications scales linearly with the number of samples used to determine the
polynomial coefficients a. In the Crosscorrelation predistorter, the size of the vec-
tors f and £}, is reduced to NV (instead of T'). In general, N is much smaller than 7.
If an FFT is used to transform the vectors from the time domain into the frequency
domain, the complexity is O(N log N). The reduction of the length of the vectors
is due to the crosscorrelation. This crosscorrelation is easy to implement. Due to
the clipping of x,, no full-precision complex multiplications are required so the
overall complexity of the Crosscorrelation predistorter is determined by the FFT.

To determine the complexity in more detail, we look more carefully at the
different steps of the algorithm after the crosscorrelation: applying the Hanning
taper, applying the DFT, normalizing the spectra and calculating the least-squares
solution. We will deal with these steps separately.

Applying the Hanning taper is described functionally in expressions|5.17 and
5.18. In these expressions, the Hanning taper values are placed at the diagonal of
a matrix and this matrix is multiplied with the different crosscorrelation functions.
In principle, N> multiplications are involved. However, this can be implemented
more efficiently by a piece-wise multiplication of the crosscorrelation values with
the Hanning taper values, involving N multiplications. The Hanning taper is ap-
plied to X} and y,,. This leads to N - (K7, + 1) multiplications. Note that the
Hanning taper values are real values, while the crosscorrelation values are com-
plex values.

The DFT can by implemented by a Fast Fourier Transform (FFT) in case N =
27, where p € N. The number of complex multiplications involved in this case are:
N 2log N. In total Kt,,,,+ 1 spectra have to be calculated leading to approximately
N 2log N - (KT 4y + 1) complex multiplications.
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Normalizing the spectra is realized by multiplication of the spectra with the
element-wise reciprocals of a vector. First the reciprocals of the complex elements
of a vector of length N have to be determined. The calculation of the reciprocal
of a complex value involves four real multiplications and the calculation of the re-
ciprocal of a real value (- +1i'b = ;{Jfﬁ ). The reciprocals have to be calculated once,
leading to 4N real multiplications in addition to the calculation of the reciprocal
of a real. Multiplying the spectra with the element-wise reciprocals of a vector
results in N - K7,,,, complex multiplications.

Concerning the calculation of the least-squares solution, the complexity is ba-
sically determined by the following two operations: GG and G*g. This is valid
in case K7, 1s small compared to N, which is, in our applications, generally the
case. In our simulations (see section [5.3.1), N equals 64 while using only odd
polynomials up to the fifth degree (K = 5 and k = 1,3,5 ) and 7,,, = 2 which
implies that ’K7,,,," represents the value 6. The number of complex multiplica-
tions within G¥G equals (K7,.,)* - N and within G”g, the number of complex
multiplications equals K7, - N. The matrix inversion (G?G)™! requires (K7,q,)°
complex multiplications (see [73], pg. 48). The total number of complex multipli-
cations equals therefore K7, (KTpax + 1) N + (KTyax)® ~ KTpax(KTpax + 1) - N.
The complexity of the LS predistorter approximately equals K7, (KTpux + 1) - T
(see section 4.2.3). The expression for the complexity of the LS predistorter re-
sembles the expression of the ’least-squares solution’ part of the Crosscorrelation
predistorter to a large extent; the factor 7" in the expression for the LS predistorter
is replaced by a factor N for the Crosscorrelation predistorter. In a practical sce-
nario, T equals 8k and N equals 64. So for this scenario, we have reduced the
complexity of the calculation of the least squares solution with a factor 128. Note
that this reduction is not valid for the crosscorrelation as a whole because of the
additional tapering, FFT and normalization. In appendix|C, we compare the LS-
and Crosscorrelation predistorter for a typical scenario when implemented on a
specific processor and the results are discussed further in section|5.3.4

5.2 Mapping

Compared to the mapping of the first iteration of the Analog-Digital Codesign of
a digital predistorter for PAs, the architectures are equal but the application has
changed. Basically we have four additional stages: the crosscorrelation stage,
applying the Hanning taper, the DFT (or FFT) and the normalization of spec-
tra. Furthermore, the algorithm which determines the least squares solution has
changed.

All processing steps mentioned above are mapped onto the Digital Processing
part of the architecture specification (see figure|4.1). Based on this, the mapping
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Figure 5.4: Performance Crosscorrelation predistorter

of the application onto the architectures (with different resolutions) is similar to
the mapping in the first iteration.

5.3 Performance analysis

5.3.1 Performance in case of high resolution quantization

The simulator, used for the evaluation of the LS predistorter, has been adapted to
simulate the Crosscorrelation predistorter. The clipping function has been added
and the Predistortion Control block (see figure [5.2) has been extended with the
algorithm described above. For the simulations, we used a 64 point FFT to realize
the DFT (N = 64). For the PA model, we used the Wiener-Hammerstein PA model
described in section|3.5. We used the same settings as for the LS predistorter
(see Table 4.1). The performance for the different schemes, as a function of the
standard deviation at the input of the predistorter, is given in figure (5.4 and the
compression is given in figure In figure the dashed curves show the
results obtained for the LS predistorter (see figure(4.9).

For standard deviations smaller than roughly 0.09, the Crosscorrelation pre-
distorter has a better performance (lower ACI levels) than the LS predistorter.
However, the same effects as for the LS predistorter are visible: the performance
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Figure 5.5: Compression Crosscorrelation predistorter

when using normal polynomials is higher than when using orthogonal polynomi-
als. We already indicated that this is mainly due to the PA model that we used. In
this model, the non-linearity was introduced by normal polynomials. Because of
this, the normal polynomials used in the Predistortion Control block, better fit the
PA model. For standard deviations larger than 0.1, the performance of the Cross-
correlation predistorter is comparable with the performance of the LS predistorter.

The most striking aspect however is the higher performance of the Crosscorre-
lation predistorter in relation to the performance of the LS predistorter for standard
deviations smaller than roughly 0.09. This higher performance is due to the fact
that the Crosscorrelation predistorter minimizes the error (using the least-squares
criterion) in the frequency domain. We normalize the spectra to have a constant
relative error in the frequency domain. This means that we practically only use
the calculated power in the adjacent channels to determine the polynomial coeffi-
cients a;.. The result is that mainly the power in the adjacent channels is reduced
when applying the polynomial coefficients a;, within the Predistortion block. This
approach contrasts with the approach within the LS predistorter. Within the LS
predistorter, the polynomial coefficients a;, are determined in such way that the
squared-error of the time-samples is minimized. In many cases, this solution will
lead to a suppression of the power in the adjacent channels as well, but this is not
guaranteed.
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For larger input standard deviations, the distortion becomes so severe that the
LS- and Crosscorrelation predistorters give similar performance.

For the Direct Learning scheme, the compression (see figure is less than
the compression of the PA model without predistortion. The Indirect Learning
scheme leads to an increase of the compression for standard deviations larger than
0.09.

5.3.2 Effects of quantization

The design of the Crosscorrelation predistorter only changes the Predistortion
Control block of the system. The feedback path of the predistortion system is
not changed compared to the feedback path of the LS predistorter. We therefore
only repeat the expression for the SNR of the dithered and quantized feedback
signal (expression/4.45):

SNR = 6.02b +4.77 —20logk — 3.01d (4.45)

where b indicates the number of bits, k indicates the amplitude peak-to-average
ratio of the input signal and d the range, in LSB, of the uniformly distributed dither
noise.

5.3.3 Performance in case of coarse quantization

For the Crosscorrelation predistorter, we also simulated the effects of quantization
in the feedback path of the predistorter. The same settings as for the analysis of
the effects of quantization on the LS predistorter are used; the standard deviation
at the input equals 0.0875. In figure 5.6, the performance of the Crosscorrelation
predistorter, as a function of the resolution of the ADC, is given. The dashed
curves show results of the LS predistorter.

The Crosscorrelation predistorter, in case the Direct Learning scheme in com-
bination with normal polynomials is used, is only stable if more than 8 bits are
used for the quantization. For the three other schemes, the algorithm is stable if
more than 3 bits are used. When using the Direct Learning scheme with orthog-
onal polynomials, the Crosscorrelation predistorter is stable even for single-bit
quantization.

In comparison with the LS predistorter, the Crosscorrelation predistorter is
more sensitive to quantization errors. This is because, within the Crosscorrelation
predistorter, we minimize the relative error in the frequency domain. As men-
tioned in section [5.3.1, we practically only use the power in the adjacent chan-
nels to calculate the polynomial coefficients a;,. As will be shown below, coarse
quantization introduces distortion which results in significant power at frequencies
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Figure 5.6: Quantization effects on the Crosscorrelation predistorter

other than the original frequencies. So, (distortion-)power, due to quantization is
added to the adjacent channels. Because we optimize on the relative power in the
adjacent channels, already a small amount of quantization power in the adjacent
channels can have significant effects on the performance of the Crosscorrelation
predistorter. This is in contrast with the LS predistorter. The LS predistorter de-
termines the polynomial coefficients based on the least-squared error of the time-
samples. So, what results in improved performance in case of high-resolution
quantization in the feedback path, results in a decreased performance in case of
coarse quantization in the feedback path. To understand the effects of quantiza-
tion, a detailed analysis of coarse quantization will be given below.

5.3.3.1 Effects of quantization on the measured correlation function

From the results presented in figure|5.6, we see that the Crosscorrelation predis-
torter is sensitive to quantization effects. Already for less than 8 bits, the Cross-
correlation predistorter using normal polynomials and Direct learning, becomes
unstable. Obviously, the quantization in the feedback path has more influence
than the non-linearity of the PA.

In this section, we will first develop a model to analyse the effects of coarse
quantization in the feedback path. Second, we will use the model to quantify
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Figure 5.7: Model for analyzing quantization effects

the effects on the measured correlation function and third, dithering is included.
For the analysis of the quantization effects we assume that the effects of the non-
linearity of the PA can be neglected compared to the effects of coarse quantization.
The consequence of this assumption is that the input of the PA model equals the
output of the PA model, which on its turn equals the original signal. Thus, x, = x.
x is a complex signal where both the real and imaginary part are modeled as
seperate Gaussian noise processes with equal power and equal bandwidth. The
real and imaginary parts are thus statistically independent. It therefore suffices to
separately analyze the effects on the real part of the signal and the imaginary part
of the signal. Because both parts are considered to be equal Gaussian processes,
we only need to analyze either the real or the imaginary part. For the analysis we
assume that x is a real signal with o-, = 1. Figure|5.7/represents the model used.
Q, represents the clipping function converting x,, into x, (see figure(5.2) and Q,
represents the ADC within the feedback path. First, we want to develop a general
model without using the knowledge that Q; represents a clipping function. Thus,
quantizers Q; and Q, are generally defined as:

2b1-1-1

O1(x) = > D(gix-i) —2b1‘1+% (5.27)
i==2b17141
2h=1-] 1

Or(x) = > D(grx—i) —2b2-1+§ (5.28)
i==2m27141

® is Heaviside’s step function (see expression [3.6). The relation between the
amplitude span of the input signal and the input range of the quantizers Q; and Q,
is determined by g; and g,. We first determine g, and g, given the amplitude span
of the input signal, the number of bits b and the required Headroom factor.

To realize the single-bit quantization, g; is chosen much smaller than one.
Suppose the standard deviation of x equals 1 and the amplitude peak-to-average
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ratio is smaller than 4. Then, for g, = J—P Q, effectively is a single-bit quantizer.
For Q,, we also assume that the standard deviation of the input signal x equals 1
and that the ratio between the maximum input amplitude and the standard devi-
ation of the input signal does not exceed 4. The standard deviation of the signal
after multiplication with the granularity factor g, equals 1 - g, = g, and the maxi-
mum amplitude 4 - g, = 22g,. The total span of the signal equals 2 - 2%g, = 2°g>.
According to expressions|5.27/and [5.28| the distance between the reference lev-
els of the quantizers equals 1 and the output of the quantizer can be coded using
b, =*1og(23g,) bits. The granularity factor g, can then be written as a function of
the number of bits via: g, = 2273,

In appendix D) section|D.3.2, we show that the measured correlation function
R can be expressed as a function of the normalized autocorrelation function p(7)
of x. We repeat the result:

1
Ri(p(7)) = (1 + €1)g182p(7) + e (D.28)

where

(9]
22202 2202
61:§ 2(6 2ﬂmgl+e 27rmg2)
m=1

(o) o
2
6& = § : § : 26—27r2(1n%g%+m%g%).
mymyJr

mp=1 mp=1

sinh(47r2 g182m1myp(7))

From expression D.28, two effects can be deduced. The measured correla-
tion function R; is a scaled version of the original correlation function p plus a
distortion component determined by €, which introduces spurious components or
spectral distortion. Note that the first term, (1 + €)g1g20(7), does not introduce
spurious components.

To obtain the normalized correlation, the measured correlation (R;) has to be
divided by the product of the standard deviations at the outputs of the quantizers

Q; and Oy:

e R©)
' \/PQl\/PQ2

where P, represents the power at the output of quantizer Q;, for i = 1,2. For the
single-bit quantizer Q;, the output power is easily determined. The output equals
either 3 or —3, so Py, = ;. For Q,, the power of the output signal equals the

(5.29)



5.3. PERFORMANCE ANALYSIS 109

autocorrelation of that signal for 7 = 0. The model in figure|5.7/can be used to
determine the power at the output of quantizer Q, where 7 = 0 and Q; is replaced
by O,. In this case, the output R (0) of the model represents the power of the
output Q. This power is then calculated using expression D.28 where 7 = 0 and
g1 1s replaced by g,. Because p represents the normalized autocorrelation, p(0)
equals 1. This results in:

1
PQ2 :(1 + 61)g% + 562

(o)
2.2.2
€ 224(e_2”’" £7)

m=1 (5.30)
[ee] o0
E § 2 —27r2g2(m2+m2)
6 = Qe 2V 27,
miymypm
I’I’Z]:] m2:1

sinh(47? g%ml my)

With expression(5.29 and the calculated values for Py, and Py,, we can ana-
lyze the effects of the ADCs on the measured correlation function quantitatively.
In the Crosscorrelation predistorter, Q; is a single bit quantizer. If Q, is a single-
bit quantizer as well, the normalized correlation coefficient is known (see [15]):

ps(p) = %arcsin(p) (5.31)

Since this result is known, we will calculate the correlation for three other resolu-
tions of Q,: 2, 3 and 4 bits, using expression|5.29. This correlation is presented,
as a function of the input correlation p, in figure|5.8, for p close to 1.

Three effects are clearly visible. First, because of the single-bit AD conversion
by Q;, a decorrelation (p; < p) is introduced reducing the measured correlation
coefficient for all input correlation coefficients. Second, for input correlations far
from one (say p < 0.86), the relation between p; and p is almost linear where a
smaller number of bits implies a decreased correlation due to the increased quan-
tization noise introduced by Q,. Third, for correlations close to 1 (> 0.86), the
relation between p; and p is non-linear. The non-linearity becomes more severe
for decreasing number of bits of the O,. The increase in correlation is stronger
for a low number of bits. This is because, for a decreasing resolution of Q,, the
quantization noise produced by @, becomes more and more correlated with the
quantization noise produced by Q;. In the ultimate case, Q, also is a single bit
quantizer and the correlation between the outputs of Q; and 9, will be 1 forp = 1.
This can also be seen from expression|5.31.

The basic idea behind the use of a dithering signal as introduced in section
4.4.2| is to reduce the correlation p of the signals at the input of the quantizers and
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Figure 5.8: Measured correlation versus real correlation

therefore use more linear portions of the relations in figure The model for
analyzing quantization effects as shown in figure|5.7, is extended in figure|5.9,

x(09)

Y

p(7)

0

p%r) <><} > [R@

0> T

d (o7)

Figure 5.9: Model for analyzing quantization effects including dither

A dither signal d, with power o2 is added to the input signal x which has power
o2. As dithering signal, we use noise with a uniform distribution which has no
correlation with input signal x. This signal is added before quantization at Q,.
The normalized autocorrelation function of x equals p(7). The normalized cross-
correlation function of x and x + d equals p,(7). This crosscorrelation function is
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given as:

Ox

2
X

pa(7) = p(7) (5.32)

2
oL +o;

By adding the dithering signal, the input correlation is reduced and the non-linear
errors on the measured correlation function are reduced.

Now we know the systematic error on the normalized correlation function, in-
troduced by quantization, and we know that this error can be reduced by dithering,
we have to determine the effect on the SNR of the measured correlation function.
The dithered and quantized signal y is crosscorrelated with x,. The correlation r¢
becomes:

ro =E(y- x*Q) = E((x + ng) - x*Q) =

) . (5.33)
E(x - xp) + E(ng - x)

where n, indicates the quantization noise. If the power of the dithering signal is
sufficient, the non-linear errors on the measured correlation function are removed
and consequently, the quantization noise ny and x, are uncorrelated. This implies
that ro is an unbiased estimate of the correlation function r = E(x - xp). The
variance on the correlation function ry equals:

E:(y-x*g)z— (E(y-x&))z] = E[(y-x*g)z— (E<x-x*Q>)2] =
E :((x+nQ) . x*Q)2 - (E(x-x*Q))Q] _

B[ ((xxy) + (ng - ) — (EGx- x*Q))Z] _ (5.34)

E (x~x*Q)2] +E[(nQ~xg)2] — (B(x- xp)* =
E(hQ - xp)’

Since xg equals either 1 or -1, the variance equals o o+ The result is that the SNR
of the peak of the correlation function equals the SNR of the signal after dithering
and quantization. This SNR was given by expression|4.45, which is repeated here:

SNR = 6.02b +4.77 - 201logk - 3.01 X d (4.45)

By integration of the signal after multiplication, the SNR can be increased.
Doubling the number of samples to be integrated (doubling 7') increases the SNR
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Figure 5.10: Performance Crosscorrelation predistorter with 2-bit quantization,
Direct Learning and orthogonal polynomials

with 3.01 dB. The overall formula for the SNR on the crosscorrelation function
including dithering, quantization and integration (SNR,;) then becomes:

SNR 4, =6.02b +4.77 — 20 log(k)

—3.01 x (d =*1og(T)) (5.35)

5.3.3.2 Performance of the Crosscorrelation predistorter

As for the LS predistorter, we simulated the effect of coarse quantization on the
performance of the Crosscorrelation predistorter. We used the Direct Learning
scheme with orthogonal polynomials since this scheme was also used to analyze
the effects of quantization on the LS predistorter. Figure gives the perfor-
mance as a function of the length 7" of the vectors (Integration Length), with and
without a dither signal in case of 2-bit quantization in the feedback path.

For the case a dither signal is used, the suppression obtained by the LS predis-
torter is shown is well. For the Crosscorrelation predistorter, we see the same
effects as for the LS predistorter. In case no dither signal is added, the effect of
coarse quantization is that the Crosscorrelation predistorter is increasing the ACI
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Figure 5.11: Performance and SNR of the Crosscorrelation predistorter with 2-bit
quantization, Direct Learning and orthogonal polynomials

levels instead of reducing them. The effects of coarse quantization can be reduced
by adding a dither signal and using longer Integration Lengths. For the same Inte-
gration Length, the Crosscorrelation predistorter results in higher ACI levels (less
performance) than the LS predistorter.

In expression 5.35, the SNR of the correlation function including dithering,
quantization and integration (S NR,,;), depends on the Integration Length T'. So,
for a certain Integration Length, we can determine the performance of the Cross-
correlation predistorter, but we can also calculate the theoretical SNR according
to expression [5.35 and determine the actual SNR in the simulations. The four
values are given for different Integration Lengths in figure 5.11

From this figure, we see that the Crosscorrelation predistorter using coarse
quantization, reduces the ACI levels below the levels in case no predistortion is
used for an Integration Length of 512k samples.

The SNRs of the correlation functions, which resulted in the performance fig-
ures presented in figure|5.11, are plotted together with the SNR values, calculated
using expression [5.35. We see that both the calculated and simulated SNR in-
crease for increasing Integration Length. There is a more or less constant differ-
ence between the calculated and simulated SNR. The expression for the calcula-
tion of the SNR assumes uniformly distributed quantization noise. However, in
case of two-bit quantization, this assumption is not valid. In combination with a
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Figure 5.12: Performance Crosscorrelation predistorter with 2-bit quantization,
Indirect Learning and orthogonal polynomials

mid-riser quantizer, this leads to lower SNRs. In case of 2-bit quantization and 1
LSB uniform dither, the expected SNR will approximately be 2 dB lower than the
ideal SNR. Taking this into consideration, one can deduct from figure [5.11 that
the simulated SNR corresponds reasonably well with the expected SNR. More
important however, figure|5.11/illustrates the noise reduction effects of longer In-
tegration Lengths.

Furthermore, note that the ACI levels for Integration Lengths of 16k, 32k and
64k samples differ slightly from the results found in figure|5.10 (-38.3 dB, -37.5
dB and -40.8 dB resp. in figure 5.10/and -37.7 dB, -41.7 dB and -43.1 dB resp.
in figure 5.11). This is caused by the the random generation of the phases of
the signal source (see section and the randomness of the dither noise. In
section we have determined, via simulations, that the standard deviation on
the estimates of the ACI levels is 3 dB. The differences for Integration Lengths of
16Kk, 32k and 64k, shown in figures'5.10 and|5.11 are not larger than what is to be
expected.

For the sake of completeness, the performance of the Crosscorrelation predis-
torter as a function of the Integration Length, using the Indirect Learning scheme,
is given in figure|5.12.

The Crosscorrelation predistorter does not stabilize in case of quantization and the
absence of a dither signal. The reason that the Direct Learning scheme stabilizes
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and the Indirect Learning scheme does not is that a memory polynomial is a better
approximation of the non-linear behavior from input to output than from output to
input. The relation from input to output is described by the PA model which is a
Wiener-Hammerstein model (filter-polynomial-filter) which resembles a memory
polynomial. So, as indicated before, which scheme is most suitable depends on the
PA model that is used. In practice this means that, which scheme is most suitable
depends on the actual PA that is used. So, before choosing between the Direct-
or Indirect Learning scheme, some measurements have to reveal the dominating
effects. In case a dither signal is used, the predistorter stabilizes for Integration
Lengths longer that 8k but the performance does not increase for increasing In-
tegration Length. This behavior resembles the behavior of the LS predistorter in
case of coarse quantization using the Indirect Learning scheme (see figure|4.14).

5.3.4 Overall system timing

In this section, we analyze the system timing of the Crosscorrelation predistorter.
The application is the same as the application for the system timing analysis of
the LS predistorter (section|4.4.4); a UMTS application with a 49 MHz sampling
rate. We assume sufficient resolution in the feedback path. We use 8k samples to
determine the non-linearity of the PA. The tasks that have to be executed in the
predistortion control block are:

e Generating the powers y;. (see section 4.2.2.4). We use a memory depth of
2 (r = 0,1) and only odd polynomials up to the fifth degree (k = 1,3,5).
Therefore, to every sample, six values ;. are related. As for the LS pre-
distorter, we expect this function to be implemented by means of a look-up
table realized in Random Acces Memory (RAM) or Read Only Memory
(ROM). The system timing will not be limited by these look-up operations.

e Crosscorrelating the powers y;, and the signal x, with the clipped reference
signal (expressions|5.13 and|5.14). Since the signals y;, and x, are crosscor-
related with a clipped signal, this function is most efficiently implemented
by means of standard up/down adders, available as discrete components or
easily implemented in bit-level programmable devices. It is not efficient to
use a microprocessor for the execution of these crosscorrelations because
the use of a clipped signal can not be exploited. Considering the sampling
rate for this specific application (49 MHz), the crosscorrelation operation
will not limit system timing.

e The remaining tasks are: applying the Hanning taper (expressions and
5.18), applying the Fast Fourier Transform (also expressions|5.17 and|5.18),
normalizing the spectra (expressions|5.21/to|5.24) and calculating the least
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squares solution a (expression |5.26). These tasks are analyzed when exe-
cuted on a Texas Instrument C67x Floating Point DSP in appendix|C.

The system timing is determined by the time it takes the DSP to calculate the
PA non-linearity. The result given in appendix |C/is that a 300 MHz Texas Instru-
ments C67x DSP requires 48 us for the calculations indicated above. Sampling
the data for this specific application requires 167 us. Using the Crosscorrelation
predistorter, all data can be used to estimate the non-linear characteristics of the
PA. For the LS predistorter, the DSP takes 2.3 ms to produce new estimates of the
PA non-linearity leading to an effective data usage of 7.3 %. One of the conse-
quences of the difference in required processing capacity is that the Crosscorre-
lation predistorter will respond much faster to changes in PA characteristics than
the LS predistorter. For the LS predistorter, it will take at least 2.3 ms to respond
to changes. Because we do not directly use new estimates of the PA non-linearity
but we average it with a previous setting, the response to changes wil take longer
than 2.3 ms for the LS predisorter. The Crosscorrelation predistorter responds 50
times faster.

Since we analyzed only one specific application on one specific processor,
the figures that result from the overall system timing analysis, are not of high-
est importance. However, it is justified to conclude that, by adding relatively
simple hardware to calculate the crosscorrelation functions, the Crosscorrelation
predistorters can respond faster to changes in the behavior of a PA than the LS
predistorter.

5.3.5 Evaluation of the Crosscorrelation predistorter

To evaluate the overall performance of the Crosscorrelation predistorter, we relate
the relevant performance- and cost metrics of the Crosscorrelation predistorter to
the metrics of the LS predistorter. The metrics are summarized in table/5.1

LS predistorter | Crosscorrelation predistorter
Complexity large small
Complexity scalability scales with fixed

Integration Length

Analog Complexity scales with scales with

resolution ADC resolution ADC
Quantization sensitivity < 4 bit < 10 bit
Average ACI reduction good good

Table 5.1: Comparison between the LS predistorter and the Crosscorrelation pre-
distorter
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The Crosscorrelation predistorter has a lower digital complexity than the LS
predistorter. For the LS predistorter, the number of complex multiplications scales
linearly with the number of samples 7" on which a new estimate of the PA model
characteristics is based. For the Crosscorrelation predistorter, the number of com-
plex multiplications is of order N 2log N where N equals the number of lags of the
crosscorrelation function. In general, T is much larger than N (one or two orders
of magnitude).

The quantization sensitivity is defined as the resolution-range of the ADC in
the feedback path, for which the performance of digital predistortion is clearly af-
fected. The Crosscorrelation predistorter is more sensitive to the non-linear effects
of quantization in the feedback path (see figure 5.6). To deal with coarse quan-
tization below 3 bits, both predistorters need a dither signal, added to the analog
feedback signal before quantization. The effects of lowering the number of bits in
the ADC in the feedback path can be compensated by increasing the Integration
Length. To achieve equal performance, the Crosscorrelation predistorter requires
a longer Integration Length than the LS predistorter. However, the complexity of
the digital processing part (the Predistortion Control block) of the Crosscorrela-
tion predistorter is not increased if the Integration Length is increased. For the LS
predistorter, the digital complexity increases linearly with the Integration Length.

For both the LS- and Crosscorrelation predistorter, the average reduction of
the power level in the adjacent channels is good. If we look at an ACI level of
-50 dB (an important limit for the GSM, UMTS, IEEE802.11b and IEEE802.11¢g
standards), the maximum standard deviation of the signal at the input of our PA
model equals approximately 0.08, if no predistortion is used. If predistortion is
used, irrespective whether this is an LS predistorter or a Crosscorrelation predis-
torter, the maximum input standard deviation equals approximately 0.1, giving an
increase of power at the input of the predistorter of 2 dB. This is a significant
increase.

The simulator contains a general signal source not related to a specific standard
and a specific PA model. When using a predistorter with a specific standard (= a
specific signal source) and a specific PA, the performance will differ from the
performance reported. Any situation requires additional simulations.

The last remark concerns the update rate of the predistorter. As mentioned,
there is a relation between the resolution of the ADC in the feedback path and
the length of the vectors used to calculate the crosscorrelation functions (the In-
tegration Length). If the resolution is lowered, the length of the vectors has to
be increased. Using longer vectors implies that the rate at which the predistorter
is updated, is lowered. The digital predistorter should, however, be able to track
the changes of the PA characteristics. On the time-scales used within digital pre-
distortion, the effects of aging can be neglected and the changes are dominated
by the temperature variations. Thus, the resolution of the ADC should be cho-
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sen such that the digital predistorter is still able to track the effects of the tem-
perature changes. When using the LS predistorter in combination with a Texas
Instruments C67x DSP, the update rate will be limited by the processing capac-
ity needed. When using coarse quantization, the amount of data needed to esti-
mate the non-linearity of the PA will increase and the time between two updates
of the predistorter will increase accordingly. For equal resolutions in the feed-
back path, when using coarse quantization, the Crosscorrelation predistorter will
require more data than the LS predistorter. However, the Crosscorrelation pre-
distorter can process this data much faster than the LS predistorter. System level
timing of the Crosscorrelation predistorter will therefore not be determined by the
processing capacity but by the data gathering process.

We cannot draw a general conclusion on which predistorter will lead to the
fastest update rate. This has to be analyzed for every specific application and
every specific implementation of the Predistortion Control block. However, the
processing capacity required by the Crosscorrelation predistorter will be signifi-
cantly smaller.



Chapter 6

Validation of results

In this chapter, we present the results of simulations using information provided by
Philips Semiconductors. First we will present the performance and compression
of the different predistortion schemes, using a PA model provided by Philips.
Second we will use data, obtained from measurements at the input and output
of a PA, to construct a model of the PA. These measurements were also done by
Philips Semiconductors. Both the LS- and Crosscorrelation predistorters construct
a memory polynomial in the Direct Learning approach which can act as a PA
model. The original model provided by Philips and the models constructed by the
LS- and Crosscorrelation predistorters are excited with the measured input data.
The resulting output data sets are compared with the measured data in both the
time- and frequency domain. At the end of this chapter, we will briefly reflect on
the process on designing a digital predistortion system using coarse quantization,
based on the Y-chart approach.

6.1 Introduction

The analysis of the LS- and the Crosscorrelation predistorters in chapters/4/and|5,
was done via simulations using PA models from literature. To realize a hardware
setup would have required too much effort in relation to the goal of the project.
However, we validated our approach using data provided to us by Philips Semi-
conductors, Nijmegen. This data consisted of:

e A model of a PA, based on measurements on an actual PA. The PA is a
device, dedicated to 2.11-2.17 GHz WCDMA operation, biased in class
AB. The typenumber of the device is BLF4G22-100 and it is realized in the
Philips fourth generation LDMOST technology.

119
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e The actual results of measurements, consisting of a sampled stimulus signal
and a sampled response signal.

We used the first part, the model of a PA, within our simulator and determined
the performance of the different predistortion schemes. The actual measurements
are used to extract a PA model using the algorithms within the LS- and Crosscor-
relation predistorters.

6.2 Digital Predistortion

The specific PA model, provided by Philips, is described by the following expres-
sion:

)

y(n) = f(x(n)]) - e sEh .
x(m)]

6.1)

where

f(x) = 0.0204 +0.8445 x + 0.2918 x* —
0.0588 x> — 0.0729 x* + 0.0175 x°
g(x) = 0.0660 —0.0388 x + 0.1963 x* —

0.2777 > + 0.1140x* — 0.0146x°

The polynomials f(x) and g(x) describe the so-called AM-AM or Amplitude-
Amplitude distortion and AM-PM or Amplitude-Phase distortion respectively.
This PA model has been incorporated into the simulator. In the model we see
that, besides odd polynomial basis functions, even polynomial basis functions are
present as well. In the simulations described in chapters 4/ and|5/and in appendix
B, we only use odd polynomial basis functions up to the fifth degree. This was
done to reduce the complexity of the final predistortion system. Furthermore,
adding even polynomials and adding polynomials with a degree higher than five,
does not change the algorithms fundamentally.

To cope with the PA model provided by Philips, we have to incorporate even
polynomial basis functions up to the fourth degree as well. The general model for
the behavior of a PA, used in the Predistortion Control block becomes (see also
expression|4.32):

5 Tmax—1

00 => Y awydxt-1) (6.2)

k=0 1=0
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where

Yr = ¢, when using normal polynomials

Yi = ¥, when using orthogonal polynomials

and

$i(x) = x| x|

Yo(x) = x| x|
Ui (x) = x
Yr(x) = 4| x| x—3x (6.3)

Y3(x) = 15| xPx=20| x| x+6x

Ya(x) = 56 | xPx—=105]x? x+60| x| x—10x

Ws(x) = 210 | x |* x =504 | x> x+420 | x |* x
— 140 | x| x+ 15x

The orthogonal polynomials are from [66].

Using the PA model provided by Philips and the extensions described above,
we determined the performance of the LS- and Crosscorrelation predistorters. The
performance and corresponding compression for the LS predistorter are presented
in figures|6.1/and

The performance and corresponding compression for the Crosscorrelation pre-
distorter are presented in figures 6.3/and

If we first concentrate on the ACI levels in case no predistortion is used, we
see that the average power in the adjacent channels decreases for decreasing stan-
dard deviations of the input signal x, except for small input standard deviations.
This is caused by the offset (the zero-order term) in the AM-AM distortion (f(x)
in expression 6.1) of the PA model. Although we can determine this offset by in-
corporating a zero-order term in the memory polynomial, we cannot compensate
for it simply because amplitudes below the offset cannot be generated. So, for
small input standard deviations, the effect of this offset becomes relatively large.

Both the LS- and Crosscorrelation predistorters perform well for standard de-
viations up to 0.15. The ACI levels decrease for increasing standard deviations
because of the reduced effects of the offset in the AM-AM distortion. Beyond
a standard deviation of 0.15, the ACI levels increase. For the LS predistorter,
the Indirect Learning schemes lead to unstable behavior for relatively large input
standard deviations. For the Crosscorrelation predistorter, the Indirect Learning
schemes show better performance than the Direct Learning schemes for standard
deviations beyond 0.175.
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Figure 6.1: Performance LS predistorter using the Philips PA model
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Figure 6.2: Compression LS predistorter using the Philips PA model
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Figure 6.3: Performance Crosscorrelation predistorter using the Philips PA model
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Figure 6.4: Compression Crosscorrelation predistorter using the Philips PA model


050118a.eps
050118b.eps

124 CHAPTER 6. VALIDATION OF RESULTS

Concluding, both the LS- and Crosscorrelation predistorter lead to reduced
ACI levels when using the PA model provided by Philips. Especially for rela-
tively large input standard deviations, the Crosscorrelation predistorter, using the
Indirect Learning scheme, shows the best performance.

6.3 PA model extraction

Besides the PA model, Philips Semiconductors provided us with a data set, con-
sisting of approximately 50k samples of an input stimulus of a PA and the cor-
responding samples of the response. This data cannot be used in our standard
simulations resulting in ACI levels and compression figures since the data only
gives the relation between the input and output for a limited number of samples.
Because of predistortion, the input signal changes (slightly) and because of the
limited size of the dataset, it is not guaranteed that the corresponding output can
be found within the dataset. However, the data can be used to construct a PA
model. Philips used the data to construct the model presented in the previous
section.

Within the Direct Learning schemes of our simulator, we also determine a
model of the behavior of the PA (see figure [4.6); the PA is modeled as a mem-
ory polynomial and within the Predistortion Control block, the coefficients of the
memory polynomial are determined. We use two different methods leading to the
LS- and the Crosscorrelation predistorters. Together with the Philips model, we
have three models. If we excite these three models with the input stimulus, we
have three response signals. We will compare these three response signals with
the original response signal to determine the quality of the three models.

To construct the models, based on the LS- and Crosscorrelation predistorters,
we had to change our simulator slightly. Instead of using the input x, and the
output y of a PA model as inputs for the Predistortion Control block, we used
the Philips stimulus- and response data. Within the Predistortion Control block,
we used both the algorithms for the LS- and Crosscorrelation predistorter. Inti-
tial simulations have shown that the PA models, produced within the Predistor-
tion Control block when using normal polynomials, are almost equal to the ones
produced when using orthogonal polynomials. The initial simulations have also
shown that the Crosscorrelation predistorter, as described in chapter|5, does not
generate an adequate PA model. This is illustrated in figures|6.5 and|6.6.

Figure|6.5 is an AM-AM distortion plot. It presents for all input samples, the
absolute value of the output sample as a function of the absolute value of the corre-
sponding input sample. The AM-AM distortion is given for the original measured
data provided by Philips. We also excited the PA model, determined by the cross-
correlation algorithm, with the Philips stimulus and determined the corresponding
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Figure 6.6: Spectra of the Philips data and the Crosscorrelation PA model output
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output. The AM-AM distortion of this signal is given as well. The AM-AM dis-
tortion plots show some scattering. This is caused by the memory effects; the
output amplitude does not only depend on the instantaneous input amplitude but
also on previous input amplitudes. The stronger the memory effect, the higher the
scattering. It is clear that the Crosscorrelation predistorter overestimates the mem-
ory effects leading to high scattering, especially for large input amplitudes. We
see, besides the difference in scattering, a relatively large difference in gain. This
can also be seen in figure 6.6, in which the power spectral densities of the Philips
response and the response of the Crosscorrelation-based PA model are given. The
gain difference is caused by the normalization of the spectra in the Crosscorrela-
tion predistorter (see expressions|5.21/to/5.24). This normalization was introduced
to force the Crosscorrelation predistorter to reduce the relative error between the
spectrum at the output of the Predistortion block and the spectrum at the output
of the PA model. Because of this normalization of spectra, the relative error is
more or less constant over the whole frequency domain, including the primary
channel. Errors in the primary channel lead to relatively large variations in power.
In this case, we see a reduced power level in the primary channel which leads to
less gain in the AM-AM plot (figure !. When removing the normalization of
spectra, proper estimates of the PA are obtained when using the Crosscorrelation
predistorter as well. This is illustrated in figure|6.7.

The scattered AM-AM curve for the Crosscorrelation model covers the curve
of the Philips data for a large part. For large amplitudes, the deviation between the
two curves is largest. The corresponding spectra can be found in figure [6.8] and
will be discussed later.

In appendix [E, we present the AM-AM and AM-PM distortion plots of the
original data, of the polynomial model provided by Philips, of the PA model ob-
tained using the LS predistorter and of the PA model obtained using the Crosscor-
relation predistorter in case no normalization of spectra is used.

The spectra of the Philips response data, the response of the model provided by
Philips, the response of the PA model using the LS predistorter and the response
of the PA model using the Crosscorrelation predistorter without normalization of

I'The situation where the Philips stimulus and response are offered to the Predistortion Control
block corresponds to the case where an input signal with standard deviation 0.25 is offered to the
Philips PA model, consisting of the AM-AM and AM-PM polynomials. For the Crosscorrelation
predistorter using orthogonal polynomials and the Direct Learning scheme, this leads to positive
compression values (see figure[6.4). This means that the output power is higher than what is to
be expected (see expression[3.18). This corresponds with lower gain for the extracted PA model;
within the Predistortion Control block, the estimated gain of the PA model is lower than the real
gain. Within the Predistortion block, this will be compensated by amplifying the input signal.
The overall gain will then increase, leading to the positive compression values. So, the results of
the Crosscorrelation predistorter, using orthogonal polynomials for an input standard deviation of
0.25, correspond with the underestimated gain of the PA model.
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in case no normalization of spectra is used

spectra, are given in figure|6.8,

We see that, outside the primary channel, the estimates of the power of the
response of the Crosscorrelation-based PA model is closest to the power of the
actual Philips response data.

Besides an analysis of the responses in the frequency domain, we analyzed
the responses in the time domain as well. We determined the Mean Square Error
(MSE) between the Philips response data and the responses based on the three PA
models. The MSEs are given in table|6.1.

PA model MSE
Philips 4.0231 107
LS based 1.110°3
Crosscorrelation based | 8.1758 10~*

Table 6.1: Mean Square Errors of the PA models

We see that the model provided by Philips Semiconductors gives the best esti-
mate. We also see that the model which gives the smallest MSE in the time domain
does not automatically generate a signal with a spectrum that fits the spectrum of
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Figure 6.8: Spectra Philips data, Philips model, LS- and Crosscorrelation model

the original response data best. In section|5.3.1, we have argued that this is one of
the reasons that the Crosscorrelation predistorter outperforms the LS predistorter
for small input standard deviations.

6.4 Conclusion

The simulations, using a PA model based on measurements on a real PA, show
that both the LS- and Crosscorrelation predistorter give significant suppression of
power in the adjacent channels. To achieve this, we had to extend our simulator.
The basic assumption that a PA can be modeled adequately by using only odd
polynomials up to the fifth degree, seemed to be incorrect. We had to incorporate
even polynomials up to the fourth degree as well. Furthermore we see that the
zero-order polynomial term, an offset in the AM-AM plot, results in increasing
AClI levels. This offset cannot be corrected.

We also used measured stimulus- and response data to construct a model of
the PA. Both the LS- and Crosscorrelation predistorter internally construct such a
model. These models, together with the PA model provided by Philips, are used to
generate responses using the measured stimulus data as input. The responses are
compared with the original response data to determine the quality of the PA mod-
els. It makes a difference whether the quality is determined in the time domain or
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in the frequency domain. In the time domain, we can use the Mean Square Error
between the measured response and the generated responses as a measure of the
quality. In this case, the PA model provided by Philips resembles the behavior of
the real PA best. If we use the power in the adjacent channels as an estimate of the
quality of the PA model in the frequency domain, the Crosscorrelation predistorter
resembles the real PA best.

Summarized, the simulations using a model based on measurements and using
real data, confirm that both the LS- and Crosscorrelation predistorter are capable
of reducing power in the adjacent channels. Both predistorters can also be used to
generate models of a PA, using measured data.

6.5 Reflection on the design process

In chapters |4 and|5, we have described two iterations of a design exploration using
the Y-chart approach. These iterations are briefly described below.

6.5.1 The first iteration: the LS predistorter

In the first iteration, we have gone through all stages of the Y-chart approach.
These stages are: ’Architecture Specification’, ’Functional Specification’, "Map-
ping’ and ’Performance Analysis’ (see figure[1.11). The most important aspects
within the different stages are described below.

e Architecture Specification. We have specified different architectures con-
sisting of an analog processing part, a digital processing part, an ADC in
the feedback path and a DAC in the forward path. The different architec-
tures have different resolutions for the ADC in the feedback path.

e Functional Specification. We have specified the LS predistortion algorithm.

e Mapping. We have mapped the LS predistortion algorithm onto the digital
processing part.

e Performance Analysis. We have analyzed the performance of the LS pre-
distorter in case of different resolutions of the ADC in the feedback path.
The complexity of the LS predistorter is large and scales with the number of
samples used to estimate the non-linear behavior of the PA. Both the large
complexity and the dependency of the complexity on the number of samples
to be analyzed, influence the system timing. By making use of the feedback
path from ’Performance Numbers’ to *Functional Specification’, we start a
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second iteration. The goal of the second iteration will be to reduce the com-
plexity and to make the complexity independent of the number of samples
to be analyzed.

6.5.2 The second iteration: the Crosscorrelation predistorter

In the second iteration, we have gone through the "Functional Specification’, the
’Mapping’ and ’Performance Analysis’ stages of the Y-chart approach. The *Ar-
chitectures’, on which the ’Application’ can be mapped, are not changed. The
most important aspects of the different stages are described below.

e Functional Specification. We have specified the Crosscorrelation predistor-
tion algorithm.

e Mapping. Also the Crosscorrelation predistortion algorithm is mapped onto
the digital processing part of the architectures.

e Performance Analysis. It is shown that the performance of the Crosscor-
relation predistorter concerning suppression of power within the adjacent
channels is comparable with the performance of the LS predistorter. Fur-
thermore, the complexity of the algorithm has reduced for typical cases and
is independent of the number of samples to be analyzed. However, the
Crosscorrelation predistorter is more vulnerable to coarse quantization than
the LS predistorter. This can be compensated by analyzing more data to es-
timate the non-linear behavior of the PA. When using coarse quantization,
system timing will therefore not be determined by the complexity of the
algorithm but by the time it takes to acquire sufficient samples.

The results of the two iterations are two alternatives for digital predistortion
of PAs: the LS- and the Crosscorrelation predistorter. When using coarse quan-
tization, the system timing of the LS predistorter depends on the data processing
capacity that is available, and for the Crosscorrelation predistorter on the data ac-
quisition time. Which solution is best depends on the system specifications and
the realization of the digital processing part. Once these aspects are known, a
final *Functional Specification’ activity should start, based on the ’Performance
Numbers’.



Chapter 7

Introduction to Radio Astronomy

7.1 Introduction

In chapters|[7,(8/ and (9, we describe a second case study to illustrate the Analog-
Digital Codesign process using the Y-chart approach. In this case study, the design
of a Tied Array Adder (TAA) for a Radio Astronomy receiver is described. The
TAA is part of the Westerbork Synthesis Radio Telescope (WSRT) and we inves-
tigate the implementation in both the digital and analog domain. The design is
elaborated in the context of Analog-Digital Codesign.

The WSRT is built and exploited by ASTRON, the Netherlands Foundation for
Research in Astronomy. ASTRON is an institute of NWO (Nederlandse Organ-
isatie voor Wetenschappelijk Onderzoek), an organization that stimulates scien-
tific research in the Netherlands. The goal of ASTRON is ‘to promote the orderly
and successful development of the science of astronomy in the Netherlands’. One
of the tasks is to develop, realize and exploit Astronomical instrumentation and
more in particular, Radio Astronomical instrumentation. Radio Astronomical in-
strumentation is a subject not many people are familiar with so, in this chapter,
a brief introduction on Radio Astronomy and -instrumentation will be given. In
chapters|8 and |9, the focus will be on the Analog-Digital Codesign of a TAA.

7.2 Radio Astronomy

The starting point of this brief introduction on Radio Astronomy is Planck’s Ra-
diation Law (from [81], p. 76) concerning the transmitted power of a perfect
radiator:

2kv’ 1
c e — |
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where

B = brightness (Watt m~> Hz™! sterradian™")

h = Plancks’s constant (= 6.63 107** joule sec)

v = frequency (Hz)

¢ = velocity of light in vacuum (= 3 10® m sec™")
k = Boltzmann’s constant (= 1.38 107> joule K1)

T = temperature (K)

This expression gives the transmitted power of the electromagnetic energy per unit
area, per unit solid angle, per unit bandwidth (Watt m~2 sterradian~! Hz') for an
idealized object, the *blackbody’. A blackbody is a perfect radiator (see [77]). For
this introduction on Radio Astronomy, there are two important aspects concerning
the law mentioned above:

1. If an object has a temperature which is above the absolute minimum tem-
perature (7T > 0 K), this object radiates electromagnetic energy.

2. The energy is, in principle, transmitted at all frequencies. Note that the
radiated energy does not have equal power at all frequencies.

Besides the thermal blackbody radiation there are two other sources of so-called
continuum radiation (emission): thermal emission from ionized gas and syn-
chrotron radiation. Thermal emission from ionized gas is caused by a free electron
whose direction of movement is deflected when it is passing near a proton. Be-
cause of this deflection, electromagnetic energy is transmitted over a relatively
large frequency range. Synchrotron radiation is non-thermal emission where elec-
trons are being accelerated to very high energies in a strong magnetic field. In this
process, electromagnetic energy is transmitted. It is not within the scope of this
thesis to explain these effects in more detail.

The effects mentioned above (blackbody radiation, emission from ionized gas
and synchrotron radiation) involve a relatively large frequency band and are there-
fore called continuum emissions. Spectral line emissions and absorptions involve
a relatively small part of the electromagnetic spectrum. Spectral line emission
occurs when atoms are bombarded with particles such as electrons or protons. A
collision may give the atom enough energy to change it from the stationary energy
state to a higher energy state. Excited atoms spontaneously fall-back to states of
lower energy where energy is emitted in the form of electromagnetic radiation
of a specific frequency. Spectral line absorption occurs when electromagnetic
radiation passes through a cloud of atoms. Radiation of certain frequencies is
absorbed. The specific frequencies are related to the discrete energy levels of the
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Figure 7.1: Relative transparency of the earth’s atmosphere at different wave-
lengths

atoms. Neutral hydrogen (H1) is one of the most abundant elements in space com-
prising about 70% of the mass and 90% of the atoms in interstellar gas. It radiates
energy in a spectral line at 1420 MHz (21 cm wavelength). Another set of spec-
tral lines ranges between 1612 MHz and 1720 MHz (18 cm). They are caused by
absorption through Hydroxyl (OH) clouds.

A spectral line enables the measurement of movement of objects. If the object
which is radiating or absorbing, is moving, the frequency of the line changes.
This is well-known as the Doppler effect. Since essentially all of the galaxies are
moving away from us according to the big-bang theory, the frequencies of the
spectral lines become lower. The spectral lines are said to be shifted towards the
‘red end’ of the spectrum. The more distant galaxies are moving away from us
faster leading to higher ’redshifts’ of spectral lines.

From the above, one can accept that celestial objects radiate within a large fre-
quency range. The radiation emitted by celestial objects can be detected and can
be used to make images of these objects. For earth-based observations, this radi-
ation has to pass the earths atmosphere. The earths atmosphere is not transparent
at all frequencies. Figure|7.1 indicates very roughly the relative transparency of
the atmosphere as a function of wavelength (frequency).

Basically there are two windows in which the atmosphere is relatively trans-
parent: the Optical window and the Radio window. The Optical window enables
the detection of electromagnetic radiation that is visible for human beings as well.
The Radio window was first discovered by Karl G. Jansky (see [78]) in 1933. The
two windows have basically led to two different types of earth-based Astronomi-
cal instrumentation: Optical Telescopes and Radio Telescopes. In this chapter, we
will concentrate on the design of a part of a Radio Telescope.

Within Radio Astronomy, the two types of emission (continuum and spectral
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Figure 7.2: Frequency bands of the WSRT Multi Frequency Front End

line emission) lead to two corresponding types of observations. Within continuum
observations, the total received power within a relatively large part of the Radio
window is measured. This total power value is used to make maps of celestial
objects or to measure transient-effects like for example the timing of pulsars and
vy-ray bursts. With spectral line observations, a part of the Radio window is split
into many narrow frequency bands or frequency channels. A frequency channel
is generally more narrow than a spectral line. This way, spectral lines can be
detected.

From figure 7.1/ we have seen that the Radio window roughly ranges from 30

MHz (10 m) to 300 GHz (1 mm). This window is too wide to be captured with a
single receiver. Therefore, a Radio telescope uses different receivers for different
parts of the Radio window. For example, the Westerbork Synthesis Radio Tele-
scope (WSRT) in Westerbork, the Netherlands, is equipped with Multi Frequency
Front Ends which can operate at at least 7 different frequency bands: 3.6 cm, 6
cm, 13 cm, L-band, UHF high, 49 cm and UHF low (see figure|7.2).
Some of the receivers observe at frequencies around known spectral lines (18
and 21 cm within the L-band). Other receivers (UHF low and UHF high) have a
wider frequency window and are used to measure red-shifted spectral lines. The
6 and 49 cm receivers are used for continuum observations. The 3.6 and 13 cm-
receivers are mostly used for continuum observations in combination with other
Radio Telescopes.

7.3 Radio Telescopes

Radio Telescopes can be categorized into two groups: single-dish and multiple-
dish. A single-dish telescope is equipped with a front-end connected to a backend.
In multiple-dish telescopes, each dish contains a front-end and these front-ends are
connected to a single back-end. Both are schematically illustrated in figure|7.3.

A front-end captures the electromagnetic energy, amplifies the signal and trans-
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Figure 7.3: Schematic overview of single-dish and multiple-dish telescopes

forms it to a frequency, suitable for transportation of the signal and for processing
furtheron. It is important to note that, during the first amplification in the front-
end by means of a Low Noise Amplifier (LNA), noise is added to the received
astronomical signal. In general this signal is very weak and the power of the
added noise exceeds the power of the astronomical signal. The aim of, for exam-
ple, the WSRT is to be able to detect astronomical signals which are 70 dB below
the added receiver noise. In general, within a front-end, the signals are down-
converted from the Radio Frequency range (RF) to an Intermediate Frequency
range (IF) and filtered. The signals are then transported to a back-end.

The general characteristic of a back-end is that it processes the received signal
in real-time to such an extend that the information, extracted from the signal, can
be stored. After storing the information, it can be used for off-line processing.
In this last step, the information can, for example, be used to make maps of a
celestial object. For a single-dish telescope, a generic block diagram of a back-
end is presented in figure |7.4/(from [81], p. 241).

The input of the back-end is the IF signal from the front-end. By means of a
(tunable) Bandpass Filter, a part of the spectrum of the FE-signal is selected. In
analog back-ends, this signal is then directly connected to a Square Law Detector
(SLD). Digital radiometry was first proposed in [79] for use in radio astronomy.
In digital back-ends, the FE-signal is generally frequency-converted to a baseband
frequency and then converted from the analog domain into the digital domain. For
the brief introduction on Radio Astronomy, these additional steps are not relevant.

The bandwidth of the signal at baseband might be smaller than the bandwidth
of the signal at IF. The bandwidth of the signal at the input of the Square Law
Detector is generally named the predetection bandwidth Av. Its value might, for
example, be determined by the filters in the front-end or by the Bandpass Filter in
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Figure 7.4: Block diagram of a back-end for a single-dish telescope

the back-end.

The general characteristic of the Square Law Detector is that its output is pro-
portional to the power of the input signal. This can, for example, be implemented
by means of an analog multiplier in case of an analog back-end, or a digital mul-
tiplier in case of a digital back-end. Both inputs of the multiplier are connected to
the output of the Bandpass Filter. The output of the Square Law Detector is still
fluctuating. If for example the input of the Square Law Detector is a Gaussian
signal with a standard deviation o and zero mean, the average value at the out-
put equals o2 and the standard deviation equals V20-2. It is, however, the average
value of the output of the Square Law Detector which is the important measure. To
reduce the standard deviation, the output of the Square Law Detector is filtered. In
an analog back-end, an analog low pass filter is used. In a digital back-end, sam-
ples are averaged for a time 7 called the postdetection integration time. To obtain a
further reduction of the standard deviation, the average value of N of these values
can be calculated. The output of the Lowpass filter is then stored and the value is
used for off-line processing. The spectra at the different stages of a backend are
presented in appendix F.

As mentioned before, the signal at the output of the Lowpass Filter contains,
besides a measure of the power of an astronomical signal also a measure of the
power of the noise, introduced by the Low Noise Amplifier within the receiver.

In figure 7.5} an example of the output of a Lowpass Filter is given as a func-
tion of time where, first the receiver is pointed towards a silent part of the sky from
which practically no radiation is received (off-source), then towards a strongly ra-
diating celestial object (on-source) and finally again towards a silent part. The
increase in power, due to the astronomical source, can easily be detected. When
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Figure 7.5: Example of the output of the back-end Lowpass Filter

measuring off-source, the power of the signal introduced by the receiver (receiver
noise) can be determined. We assume that the ’silent part’ is not emitting any
radiation. (In practice, from any part of the sky, there always is some radiation
emitted. This radiation is called *background radiation’. For reasons of simplic-
ity, this signal is often considered as a part of the receiver noise even though the
signal is correlated for all antennas).

When measuring on-source, the power of the sum of the receiver noise and
the astronomical signal can be determined. If the receiver system is stable and
the gains within the system are known, the absolute value of the power of the
astronomical signal can be determined.

If the power difference between off-source and on-source measurements is
small, it becomes more difficult to determine the absolute power of the astronom-
ical signal. A general rule is that the smallest power increase that can be mea-
sured equals the standard deviation at the output of the Lowpass Filter. This value
is related to a parameter called ’sensitivity’. To give a more formal definition of
sensitivity, we have to return to the front-end and determine the power received by
the front-end. It is inevitable to adopt the ‘temperature language’ which is com-
mon practice in Radio Astronomy. Temperature, given in Kelvin (K), multiplied
with two times Boltzmann’s constant (k = 1.38 1072 Watt Hz™! K™!) is a measure
of power. Because of this relation, temperature is very often used as a measure
of power. An antenna is said to have an antenna temperature 74 if the power it
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receives per unit frequency (per Hz) equals 2T, (Watt). A typical Radio Tele-
scope is equipped with a reflector. This reflector reflects the energy incident on it
in such way that it is gathered at the front-end. A reflector of a telescope always
has a finite surface area (aperture). The effective aperture is denoted with A,. The
power per unit frequency per unit area is called the 'observed flux density of a
radio source’ S and equals (from [81], p. 99):

2kT

So A

(7.2)
where

So = flux density (Watt Hz™' m™ or Jansky(Jy))
k = Boltzmann’s constant (= 1.38 1072 Watt Hz™' K™!)
T, = antenna temperature (K)

A, = effective antenna aperture (m?)

The source flux is expressed in Watt per Hertz per square meter. This unit is also
called Jansky (Jy) after the discoverer of the Radio window.

Within a front-end, the electronic components add noise to the received signal.
This so-called receiver noise corresponds with a receiver temperature 7 and the
power of the receiver noise equals 2kT. The temperature of the total signal 7y
then equals:

Tsys =Ty +Tg (7.3)

In general, Tk is much higher than 74 (up to 70 dB) and hence the system
temperature T, is much higher than the antenna temperature 7. For that reason,
the fluctuation at the output of the Lowpass filter is dominated by the receiver
temperature. Using these definitions and the results from appendix F, we can
determine the standard deviation of the output of the lowpass filter of a backend.
The power that is received per unit frequency equals 2kT,,. The total power
at the input of the SLD equals 2kT,;Av. This corresponds to the parameter o
in appendix [F. In this appendix, the RMS value of the AC component at the
output of the lowpass filter, in case of a digital backend, is calculated and equals:

2 AT Av . . . .
Ty = R In general, this value is normalised to frequency and collecting
area to relate it to an increase of the observed flux density of a radio source. The
standard deviation on the observed flux density after detection is then given as

(from [81], p. 103):

2kTsys Av 1 2k Tsys

AS s = =
VAvt N AVAe VAvt N A,

(7.4)
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where

AS . = standard deviation (Watt Hz™' m™>

T,,, = system temperature (K)
Av = predetection bandwidth (Hz)
t = postdetection integration time (s)

N = number of records averaged (dimensionless)

The other parameters have been introduced previously. As said AS ,,,,; corresponds
to the smallest power increase that can be measured. Expression |7.4/is used to
indicate the minimum increase of power that can be detected called ’sensitivity’:

AS pin = AS s (75)

where
AS ;i = minimum detectable flux density(Watt Hz™!' m™)

The sensitivity indicates the minimum power per unit area per Hz, a single-dish
telescope is able to detect. One effect can be deduced from this expression: the
minimum detectable flux density decreases, which means that weaker signals can
be detected, if the postdetection integration time () and/or the number of records
averaged (N) increase. In theory the minimum detectable flux density can be
reduced to any value by increasing the 7 - N product. In practice, this is limited by
the stability of the receiver. The minimum detectable flux density also decreases
if the predetection bandwidth Av increases. This effect is explained in appendix
F.

If the system temperature increases, the minimum detectable flux density in-
creases which means that an astronomical source has to radiate stronger to be de-
tected. The system temperature can be lowered (less receiver noise is produced)
by cooling the front-end with, for example, Helium. We also see the effect that,
if larger Radio Telescopes are used (increasing the effective aperture), weaker
sources can be detected.

The size of the Radio Telescope does not only determine the sensitivity but
also the resolution. Resolution generally indicates the number of different (ce-
lestial) objects a Radio Telescope is able to detect. A very loose analogy is the
number of pixels that are available for the representation of an object. A very
general measure of the resolution of a Radio Telescope is the half power- or 3 dB
beamwidth (W3.3). It is defined as (see also [81], p. 186):

p
Wiap = Pp (7.6)
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where

Wi

p
A = wavelength(m)

half power beamwidth(rad)

telescope dependent factor (dimensionless)

D = diameter(m)

The half power beamwidth is proportional to the wavelength used for the observa-
tions and a telescope dependent factor p. The factor p depends on the shape of the
telescope reflector and on the method of illumination of the front-end. The half
power beamwidth is inversely proportional to the diameter D of the telescope.

As an example, the half power beamwidth of a 25 meter dish telescope op-
erating at 1420 MHz (21 cm), with p = 1, equals 8.4 107 rad which equals
approximately 0.5 degrees. A measure of arc that is very often used in Radio As-
tronomy is ’arc seconds’ (arcsec). One degree equals 3600 arcsec. The resolution
of the telescope therefore equals 1800 arcsec which is roughly the diameter of the
moon as it is observed from the earth. So an area as large as the moon is covered
by one half power beam of a 25 meter dish telescope at 21 cm.

7.3.1 Improving telescope performance

We have identified two important parameters that reflect the performance of a Ra-
dio Telescope: sensitivity (7.5) and resolution (7.6). For single-dish telescopes,
both parameters “improve’ if a larger dish is used. The sensitivity increases (the
minimum detectable flux density decreases) because of the increasing effective
aperture of the antenna A,. The resolution increases (the half power beamwidth
decreases) because of the increasing diameter of the antenna (D). However, in-
creasing the diameter severely hampers the mechanical construction of the Radio
Telescope, especially if the dish has to be steerable. In some cases, a creative
solution is found to solve some of the mechanical problems. An example is the
Arecibo telescope. The reflector of the telescope covers the faces of a carefully
selected valley. This way, a telescope with approximately 305 meter diameter is
created.

Another way to increase the resolution and sensitivity is to use multiple dishes.
The distance between dishes is generally much larger than the diameter of a single
dish. The resolution increases linearly with the maximum of the distances between
the telescopes. So, D in expression|7.6 equals the maximum of all distances be-
tween any set of two telescopes. The sensitivity of a multiple-dish telescope which
consists of identical single dish telescopes, increases if the number of telescopes
increases. In section|7.3.2/an expressions for the sensitivity of different types of
multiple-dish telescopes, similar to expression|7.5 (7.4), will be presented.
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An example of a multiple-dish telescope is the Westerbork Synthesis Radio
Telescope in the Netherlands. It consists of 14 identical 25 meter single-dish
telescopes. This implies that the effective antenna aperture A, roughly equals
14 times the effective antenna aperture of a 25 meter single-dish telescope. The
maximum distance D between two telescopes equals 3 kilometers. The value D
increases from 25 meter to 3 kilometers which means that the resolution increases
with a factor 120 (see expression [7.6). The resolution at 21 cm of a 25 meter
single-dish telescope was 1800 arcsec and now becomes 15 arcsec.

Future generation Radio Telescopes are planned to have even larger antenna
apertures and larger maximum distances between pairs of antennas. The Square
Kilometer Array, a concept which should result in a new Radio Telescope within
several years, is projected to have an aperture which approximately equals one
square kilometer. This is two orders of magnitude more than the aperture of the
WSRT at this moment (7000 m?). The maximum distance between two elements
will be around 1000 kilometers. The half power beamwidth at 21 cm becomes
0.05 arcsec. This implies that an area as large as the moon can be filled with 250
million half power beams.

7.3.2 Multiple-dish receivers
7.3.2.1 Delay Compensation

An important aspect in multiple-dish receivers is Pathlength difference- or Delay-
compensation. The cause of pathlength differences and the principle behind the
compensation of it, are illustrated in figure[7.6!

If the front-ends of a multiple-dish telescope are located in an imaginary flat
surface and if the propagation direction of a signal is perpendicular to this sur-
face, the signal amplitudes in the front-end are equal at any moment in time. The
imaginary point in the sky from which the signal originates is called the zenith
(¢ = 90°). The propagation direction of signals which do not have their origin
in the zenith, is not perpendicular to the surface through the front-ends. In figure
7.6 this is illustrated in case of two antennas. Because the angle ¢ is not equal to
90°, a pathlength difference d exists which leads to a delay 7. This delay has to
be compensated in order to detect the signal from direction ¢ correctly. In early
multiple-dish telescopes, the pathlength difference was compensated by inserting
cables with different length between the front-end and the back-end (for an ex-
ample see [80]). To give an impression of the length of the cables that have to
be inserted, we have to look at the cable velocity of propagation. Some typical
values range from 65 % to 85 % of the speed of light in vacuum. So, dependent
on the type of cable, the length should range from 65 % to 85 % of the pathlength
difference that has to be compensated. For the WSRT, in its current configuration
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Figure 7.6: Delay difference: cause and compensation
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with a maximum distance between two telescopes of approximately 3 km, this
leads to maximum cable lengths of 2.5 km.

Nowadays, the compensation is done electronically. In, for example, the
WSRT, a combination of techniques is used. A fine-grain delay compensation
is realized by shifting the sampling clock of Analog-to-Digital converters for one
of the telescopes. A coarse-grain delay compensation is realized by variable-size
digital memory buffers. For compensating 3 km of pathlength difference, given a
sampling clock of 40 MHz, the required memory equals 400 samples. The sam-
pling clock can be shifted in steps of 195 ps. The accuracy for compensation of
pathlength differences therefore equals 6 cm. In the remaining part of this chapter
we will assume ideal delay-compensation in multiple-dish telescopes and delay
compensation will not be indicated in the remaining block diagrams in this chap-
ter. After delay compensation, the signals from direction ¢ are aligned in time.

There are two different techniques to combine signals from the different dishes
within a multiple-dish telescope. First, the signals (telescopes) are grouped into
pairs. Each pair is used to determine the signal of the celestial object. The result-
ing signals from pairs of antennas are processed furtheron, for example, to make
maps of the celestial object. This technique is called interferometry. In our anal-
ysis, we will restrict ourselves to the analysis of the first stage, the processing of
signals from two telescopes.

Second, when a technique is used where the signals from more than two Radio
Telescopes are summed, the telescope acts as a phased array. Both techniques,
interferometry and phased arrays, will be explained briefly below.

7.3.2.2 Interferometry

When interferometry is used to combine the signals from two telescopes, there are
many options. Two basic receiver types are the summing- or simple interferometer
and the correlation interferometer. Both are illustrated in figure

In the simple interferometer, signals from the two telescopes are summed by
an Adder and a Square Law Detector (SLD) produces an output signal which is
proportional to the power of the sumsignal. The resulting sum signal consists
of two components: the astronomical signal and the sum of the receiver noise
introduced by the two front-ends.

In the correlation interferometer, the signals from the two telescopes are mul-
tiplied. Because the receiver noise of the two telescopes is uncorrelated, the aver-
age value of the output of the multiplier is not affected by the receiver noise and
is therefore proportional to the power of the astronomical signal. Note that this
is a fundamental difference with the simple interferometer: if the receiver noise
in a simple interferometer increases, the average value of the output of the SLD
increases.
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Figure 7.7: Block diagram of an interferometer
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The sensitivities for the two interferometer types differ. We introduce the sen-
sitivity constant K in expression|7.4 to differentiate the sensitivities of different
configurations:

2K, Ty
VAV tN Ae

The sensitivity constant K; depends on the interferometer type that is used. The
values are (from [81], p. 258):

AS min —

(7.7)

e Single dish receiver: K = 1.
e Simple interferometer: K, = 1.

e Correlation interferometer: K, = \/%

The sensitivity for a single dish receiver, using an SLD is indicated in expressions
7.4 and 7.5 and we use this sensitivity as a reference, leading to K, = 1. To
explain the sentitivity constant for other types of receivers, we have to realize
that the sensitivity indicates the increase of the flux density that can be detected.
This value corresponds with the RMS noise level at the output of the SLD (for the
single dish receiver and the simple interferometer) or at the output of the multiplier
(for the correlation interferometer). For the simple interferometer, we assume
that the telescopes, of which the signals are summed, are identical. Within the
two front-ends, statistical independent noise is produced. The adder sums the
correlated signals from a radio source and the noise signals from the two front-
ends. Compared with the single-dish receiver, the power of the noise, introduced
by the receiver, is two times as high (summation of power) and the power of the
radio sources is four times as high (summation of RMS values). So, if the DC level
of the output of the SLD has to make an equal step for both the single dish receiver
and the simple interferometer, the correlated power for the simple interferometer
has to increase only a factor % compared to the single dish receiver. However, the
RMS level of the noise is two times as large. So, to make a step equal to the RMS
value at the output of the SLD, the increase of correlated power in case of a simple
interferometer has to be 3—l -2 times the power increase in case of a single telescope.
This leads to the sensitivity constant K = %, for a simple interferometer.

If we compare the correlation interferometer with the single dish receiver, we
have to realize that the back-ends in both situations are very much alike. If the
SLD, in case of the single-dish receiver, is realized by a multiplier, the only differ-
ence is that, in the single dish receiver, the two inputs are connected to the same
antenna signals and in the correlation interferometer, the inputs are connected to
two different antenna signals. We assume that these signals originate from two
identical telescopes. So, an increase of the flux of a radio source leads to an equal
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increase of the DC component at the output of the multiplier (correlation interfer-
ometer) and at the output of the SLD (single-dish receiver). However, the RMS
level at the output of the correlation interferometer is V2 times as low as the RMS
level at the output of the single-dish receiver. This is only valid in case the power,
received from the radio source, is small compared to the power produced in the
front-ends (see [81], p. 255). This leads to a sensitivity constant K; = % for the
correlation interferometer.

Interferometers lead to smaller minimum detectable flux densities which indi-
cate increased sensitivity. A simple interferometer has a higher sensitivity than a
correlation interferometer. So, in theory a simple interferometer would be favor-
able. In practice, however, a correlation interferometer is preferred because it is
less sensitive to increased receiver noise levels in the individual telescopes.

Both simple- and correlation interferometers give an estimate of the power,
received from a certain direction. The two antennas of an interferometer are sep-
arated by a specific distance. Different antennas (can) have different distances
and orientation in the hypothetical surface which connects the front-ends of the
different antennas. If there are K antennas within a multiple-dish telescope, there
are K(K — 1)/2 different combinations of two antennas, each combination giving
an estimate of the power received from a certain direction. This set of values for
different distances and orientations can be used to make maps of celestial object.
It is beyond the scope of this thesis to go into the details of this imaging process.
For the interested reader we refer to [40].

Several multiple-dish Radio Telescopes have been built. The WSRT has al-
ready been mentioned but other examples are the Very Large Array (VLA) in
the US, the Australia Telescope Compact Array and the Giant Metrewave Radio
Telescope in India. The maximum distances between two telescopes are still rel-
atively small for these telescopes. The largest distance is 36 kilometers for the
VLA. Much larger baselines (higher resolutions) can be obtained if signals from
telescopes much further apart are combined. This special form of interferometry
is called Very Large Baseline Interferometry (VLBI). Several networks exist, for
example the European VLBI Network (EVN), the Multi Element Radio Linked
Interferometer Network (MERLIN) and the Very Long Baseline Array (VLBA).
Multiple-dish telescopes can be part of a VLBI network. The multiple-dish tele-
scope then generally acts as a phased array, producing a single signal to be used
within the VLBI network.

7.3.2.3 Phased Arrays

In some applications of Radio Telescopes, imaging (making maps of celestial ob-
jects) is not of prime interest. An example has already been mentioned: VLBI.
Another prominent example is the observation of pulsars (see [44]). Pulsars are
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neutron stars which rotate rapidly while emitting a bundle of electro-magnetic ra-
diation. The effect on a single-dish Radio telescope is a very short increase of
received power. Typical frequencies for these pulses are between 0.1 Hz and 650
Hz. The power of these pulses can be below the receiver noise of a single antenna.
A third application of Phased Arrays within Radio Astronomy is Compound In-
terferometry. In Compound Interferometry, the telescopes within a multiple-dish
telescope are divided into two or more subsets called subarrays. A subarray acts
as one phased array and the signals within a subarray are summed. The differ-
ent sumsignals can be connected to an interferometer. Compound Interferometry
is an option to reduce the number of inputs to an interferometer. This way, the
data-processing capacity can be used to obtain a higher spectral resolution.

In general, the SNR at the output of a detector of a multiple dish telescope,
can be increased by summing the signals from more antennas. An array of tele-
scopes, where the signals from the individual telescopes are summed after path-
length compensation, is called a phased array. In Radio Astronomy, a phased
array is often referred to as a Tied Array. Because of an increased SNR after sum-
ming signals from multiple antennas, the signals used for VLBI and Compound
Interferometry have lower noise contributions and pulsars can be detected more
accurately.

A phased array is, in principle, a generalization of the simple interferometer.

Instead of summing the signals from two telescopes, the signals from K telescopes
are summed. This is illustrated in figure The signal of interest is equal for
all telescopes (is correlated) and the system noise differs for all telescopes (is
uncorrelated). The signal of interest adds coherently which implies that signal
voltages are added. The system noise adds incoherently which means that signal
powers are summed. The effect on the SNR is discussed below.
The signal S (see figure|7.8) with power 0%, is received by all the telescopes. In
the first stages of the front-end, noise is added to this signal. This is schematically
indicated by the addition of the noise signals Ny, N, to Ny,. In all the front-ends,
the added noise power is assumed to be equal (o7, = 0y, i = 1,..., M) and it is as-
sumed that there is no correlation between the noise signals. The resulting signals
are summed. This can be done at RF frequencies but in many implementations,
the signals are downconverted to IF or baseband frequencies after which they are
summed. In the summation process, the standard deviation of the signal becomes
Mo so the power of the signal becomes M?c%. Because the noise signals are
uncorrelated, the noise power equals Mc%. The SNR of the resulting sum sig-
nal is therefore M?>/M = M times as high as the SNR of a single-dish receiver.
Summarizing, the SNR of the sumsignal equals:

M?0% o
. -m.- 5 (7.8)

SNR = 5 5
oy, T oy, t oy, oy
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Figure 7.8: Model for SNR enhancement in a phased array
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Chapter 8

A-D Codesign of a Tied Array
Adder

In this chapter, we will describe the Analog-Digital Codesign of a Tied Array
Adder using coarse quantization. We will start with a brief description of the
Westerbork Synthesis Radio Telescope (WSRT). After that we will describe two
iterations of the codesign process. In the first iteration, a completely analog so-
lution is briefly described. In the second iteration, a digital solution will be pre-
sented.

8.1 Description of the WSRT

Around 1990, ASTRON (the Netherlands Foundation for Research in Astronomy)
started the development of new front-ends and a new back-end for the WSRT. The
back-end was named DZB. It is a Digital(D) Backend(B) where the *Z’ indicates
that it is expected to be the last backend that will be built for the WSRT. The
WSRT, including the DZB, is expected to be operational until 2015. After that, a
new generation radio telescopes will hopefully be available: the Square Kilometer
Array (SKA) and its predecessor the Low Frequency Array (LOFAR). A block
diagram of the DZB is given in figure|8.1.

As mentioned in section[7.3.1, the WSRT consists of 14 single-dish telescopes.
For the design of the DZB, a number of 16 telescopes is used, allowing future ex-
pansion of the array with two additional telescopes. These could, for example,
be prototypes of elements of a new generation telescope. Within each single-dish
telescope, a front-end captures the signal with two different polarizations. The
polarization of the electromagnetic waves can be decomposed in two ways. First,
the waves can be decomposed into two linearly polarized waves generally referred
to as the x- and y-polarizations. Second, a decomposition in circular components

149
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Figure 8.1: Block diagram of the DZB
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Figure 8.2: Block diagram of the ADC subsystem

(left- and right-polarization) is possible. For the scope of this thesis, polarization
simply leads to two signals within the same frequency band for each telescope.
The signals from the front-ends occupy a bandwidth of 160 MHz at Intermediate
Frequencies (IF). Out of a band of 160 MHz, 8 bands of up to 20 MHz are selected.
These 20 MHz bands are frequency converted towards baseband. Baseband sig-
nals are alternatively called ’Video’ signals. Selection and downconversion are
executed by the IF-to-Video Conversion subsystem (IVC subsystem). The out-
puts of the IVC subsystem are connected to the Analog-to-Digital Conversion
subsystem (ADC subsystem). The task of the ADC subsystem is to convert the
analog baseband signal into a digital signal and to compensate for the pathlength
differences. This is illustrated in figure

Every incoming signal from the IVC subsystem is first converted from the
analog domain into the digital domain. The resolution of the quantization is 2-bit:
a sign and a magnitude bit. If only the sign bit is used further on in the processing,
the quantization effectively is single bit. So, within the ADC subsystem, quantiza-
tion is always 2-bit and the correlator can decide to either use both bits or only the
sign bit. The maximum bandwidth is 20 MHz and the sampling frequency equals
40 MHz. This implies that there is no oversampling in case the full bandwidth of
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20 MHz is used.

As illustrated in figure|7.6, pathlength differences between signals at different
telescopes have to be compensated. Theoretically, the RF signals can be aligned
by appropriate delays in the signal paths. In practice, delay compensation is of-
ten realized at baseband, after a mixing stage. The appropriate delays should
then be effectuated in the signal paths, at baseband, but also the local oscilator
signals, feeding the mixing stages, should have the appropriate delays (= phase
shifts). Giving the local oscilator signals the appropriate delays is called ’fringe
demodulation’. For the scope of this thesis, fringe demodulation is assumed to be
implemented correctly in the IVC subsystem and we will not deal with its details.

As mentioned in section [7.3.2.1, two mechanisms are used to compensate
the pathlength differences between individual telescopes at baseband: fine delay
and coarse delay. The fine delay mechanism is used to introduce delays that are
smaller than one clockcycle of 40 MHz. This is realized by shifting the sampling
clock. For the WSRT, the sampling clock can be shifted in steps of 195 ps. To
implement delays longer than one clockcycle of 40 MHz, a digital buffer is used
which delays the output of the ADC a programmable number of 40 MHz clock-
cycles. The maximum delay is based on the hypothetical case that the Dwingeloo
telescope, a 25 meter single dish telescope, is connected to the WSRT. This leads
to a maximum baseline of 30 km. The maximum programmable delay therefore
equals 100 us which leads to a memory size of at least 4k samples. After the
AD conversion and pathlength compensation, the digital signals are fed into the
Correlator, see figure In general, signals which have their origin in the same
frequency slot and same polarization are correlated with each other. This leads to
16 sets (2 polarizations and 8 subbands of 20 MHz within a band of 160 MHz) of
16 signals (14 antennas + 2 spare inputs). Within a set, 16 autocorrelation func-
tions and % = 120 crosscorrelations can be determined. The DZB backend can
determine all the auto- and crosscorrelations (local interferometry).

In the phased array application, the basic operation is to sum signals from
different antennas. Before the signals can be summed, the pathlength differences
have to be compensated. Within the scope of this thesis, a device that compensates
pathlength differences and sums the resulting signal is named: Tied Array Adder
(TAA). The output of the TAA is, in practice, connected to an SLD (in this context
also named a ’total power receiver’) for example for pulsar observations and/or
to a correlation interferometer. The correlation interferometer can correlate the
output of the TAA with a signal from a telescope located at a far distance (VLBI)
or with the output of another TAA (Compound Interferometry). Especially for the
VLBI application, an analog representation of the output of the TAA is required.

In this chapter, we will discuss the Analog-Digital Codesign of a TAA. During
this design process, we will use the Y-chart approach. In the first iteration, we
will analyze an analog solution. The result will merely serve as a reference for the
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Figure 8.3: Connection of the Analog TAA to the DZB

second iteration where we analyze a digital solution, using coarse quantization.

8.2 The Analog Tied Array Adder

8.2.1 Architecture specification

The first step in the Analog-Digital Codesign of a TAA is the architecture specifi-
cation. In this step, we basically design an architecture on which the application
can be mapped. The starting point will be to realize the TAA completely in the
analog domain. The TAA will be connected to the analog outputs of the IVC
subsystem as indicated in figure|8.3.

We use 16 identical units where one unit is dedicated to one polarization and
one subband. The outputs of the TAA are analog signals and no data converters
(DACs or ADCs) will be involved. The advantage of using a completely analog
architecture is that no quantization errors are introduced. In the performance anal-
ysis of the analog TAA (section 8.2.4) we will further discuss the advantages and
disadvantages of the analog architecture.

16
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Figure 8.4: Input-Output definition of the Analog Tied Array Adder

8.2.2 Functional specification

The Analog TAA is connected to the analog outputs of the IVC subsytem. This
way, the selectivity of the IVC subsystem is used to select the proper frequencies
and bandwidth. In the remainder of this chapter, we will assume that the signal
bandwidth at the input of the TAA always equals 20 MHz. The functionality of
the Analog TAA is not affected if bands with smaller width are selected by the
IVC subsystem.

The inputs and outputs of the Analog TAA, dedicated to one subband and one
polarization, are illustrated in figure|8.4.

Signals from the IVC subsystem originate from the same polarization and
same subband of 20 MHz within the total band of 160 MHz. Within an Ana-
log TAA, it should be possible to define two subarrays for every subband and
every polarization. Within a subarray, any signal out of the 16 signals available,
can be selected. For every subarray, the maximum number of signals that can be
summed equals 16. The pathlength difference has to be compensated. Both the
subarray definition and the pathlength difference compensation parameters have
to be programmed via a digital interface. The outputs of the Analog TAA are the
sums of the two subarrays.

An important specification concerns the isolation within a subarray. If a signal
is not selected to participate within a subarray, this signal should not be present at
all in the output of the subarray. This, however, is an ideal situation. Especially
in analog adders, a small fraction of the non-selected signal is still present in the
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sumsignal. The ratio of the power of this fraction and the power of the original
signal is called isolation. It is often specified in dB. The required isolation for the
WSRT equals -70 dB.

For the first design iterations, the design of the pathlength compensation and
the summation is important. These parts are the specific parts of a TAA. The
design of the digital interface to program the delay and to define the subarrays, is
a general design issue not specific to a TAA and we will therefore not focus on
the design of that part.

8.2.3 Mapping

Within the mapping phase, the functionality, alternatively called application, is
mapped onto the architecture. The basic functionality consists of pathlength com-
pensation and summation of signals. Concerning the architecture, we have stated
that we will use an analog processing platform, without defining the structure
within this platform. So, the mapping basically maps the pathlength compensa-
tion and summation of signals onto an analog platform.

8.2.4 Performance analysis

The design of the Analog TAA concerns the design of basically two parts: the
pathlength compensation and the summation of signals.

As indicated in section|7.3.2.1, pathlength compensation can be implemented
in the analog domain by using waveguides of different lengths. The pathlength dif-
ference that has to be compensated, corresponds with a certain length of a waveg-
uide (cable). A standard set of waveguides of different length can be used and
selected waveguides can be switched into the signal path. Since the propagation
speed in waveguides is in the order of 75 % of the propagation speed in free space,
the length of the cables has to be approximately 75 % of the maximum distance
between telescopes.

For the summation of analog signals, power combiners can be used. The input
of the power combiners are the signals that are compensated for pathlength differ-
ences. The isolation that can be obtained by means of power combiners is roughly
-30 to -40 dB.

8.2.4.1 Evaluation

Already a very brief design shows some of the great obstacles in the design of an
Analog TAA. First, the lengths of the waveguides to compensate for pathlength
differences. If, for example, the delay difference caused by a 30 km baseline has
to be compensated, waveguides with a length of approximately 22 km have to be
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used. This becomes very impractical. Second, to obtain an isolation of -70 dB
does not seem to be attainable if the signals are summed in the analog domain.
For that reason, we have to look for an alternative solution. Refering to the Y-
chart approach (see figure [1.11), the basic idea is to change the ’Architecture’,
making use of the feedback path from ’Performance Numbers’ to ’Architecture
Specification” within the Y-chart approach. We will use a digital architecture in-
stead of an analog architecture. The analog solution is, however, important to act
as a reference for the design of the Digital TAA.

8.3 The Digital Tied Array Adder

The second iteration of the Analog-Digital Codesign of a Tied Array Adder con-
cerns the design of a digital TAA.

8.3.1 Architecture specification

The first step in the second iteration of the Analog-Digital Codesign of a TAA is
architecture specification. For the second iteration, we assume that the TAA is
realized in the digital domain. An architecture which has the same interfaces as
the analog TAA contains ADCs as the first stage, converting the analog outputs
from the IVC subsystem into the digital domain. However, the ADC subsystem
also contains ADCs, resulting in digital outputs. The basic idea is to use these
digital outputs. The resolution of the coarsely quantizing ADCs within the ADC
subsystem is one- or two-bits. The performance analysis phase of this iteration
(section|8.3.4) will therefore mainly focus on the analysis of the effects of coarse
quantization.

One of the consequences of the choice to implement the TAA in the digital
domain is that the resulting sumsignal has to be converted from the digital domain
into the analog domain. The resulting basic architecture, dedicated to one subband
and one polarization, is illustrated in figure|8.5.

8.3.2 Functional specification

Within the second interation of the Analog-Digital Codesign of a TAA, we do
not change the functional specification. So, the functional specification, as it is
described in section[8.2.2, is still valid. Refering to the Analog-Digital Codesign
process using the Y-chart approach (figure|1.11) we do not use the possibility for
explicit feedback from the *Performance Numbers’ to the "Functional Specifica-
tion’.
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Figure 8.5: Basic architecture of the Digital TAA

8.3.3 Mapping

In the mapping phase of the design of a digital TAA, we map the functionality onto
the architecture. The basic functionality consists of pathlength compensation and
summation. For the digital TAA, the starting point is to realize the pathlength
compensation and the summation of signals in the digital domain. The resulting
digital sumsignal has to be converted into an analog signal by means of a Digital-
to-Analog Converter (DAC).

If we take a closer look at the ADC subsystem of the DZB, we see that in
that part of the backend, pathlength compensation is already implemented in the
digital domain. Instead of duplicating the digital pathlength compensation part, it
is reasonable to assume that it is more efficient to use the pathlength compensation
system of the ADC subsystem. So, we map the pathlength compensation onto the
ADC subsystem. The summation, however, will be completely mapped onto the
digital processing part of the TAA (see figure8.5). The connection of the TAA to
the DZB is illustrated in figure(8.6.

There are 16 sets (2 polarizations times 8 subbands) of 16 signals (14 tele-
scopes + 2 spares). The IVC subsystem selects a frequency band of up to 20
MHz. The ADC quantizes and samples the signals and compensates the path-
length differences. The resulting signals are presented to 16 identical TAAs. On
a TAA, two subarrays can be defined and within a subarray the digital signals are
summed digitally. The selection of a signal within a subarray is simply imple-
mented by letting the signal participate in the digital summation process or not.
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Figure 8.6: Connection of the Digital TAA to the DZB
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For each set, there are 2 outputs. All these outputs have to be converted from the
digital into the analog domain.

8.3.4 Performance analysis

There are two main advantages of the mapping, described above. First, no path-
length compensation has to be implemented since the pathlength compensation
part of the ADC subsystem is used. Second, the signals that have to be summed
are in a digital representation and the selection of signals within a subarray is
realized digitally as well. The result is that a large isolation is obtained.

An aspect that has not been covered yet is that the quantization in the ADC
subsystem is coarse. As mentioned in section|8.1 the analog input from the IVC
subsystem is quantized into 2 bits: a sign and magnitude bit. If only the sign bit
is used by the TAA, the quantization effectively is single-bit.

Because of the quantization, a quantization error is introduced on every signal.
Note that this quantization error is not introduced in the Analog TAA. So, to really
compare the Analog TAA with the Digital TAA, the effects of coarse quantization
have to be evaluated more thoroughly. The next chapter will be dedicated to this
evaluation.
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Chapter 9

Evaluation of a Tied Array Adder

The input of the Digital TAA, as described in chapter|8| consists of signals that are
quantized into two- or single-bit values. Two- and single-bit quantization are very
often referred to as four- and two-level quantization respectively. The number of
levels indicates the number of possible values at the output of the quantizer. In
a backend that was previously operational at the WSRT, the Digital Continuum
Backend (DCB), 3 level quantization was used. In this chapter!, we will inves-
tigate the effects of quantization before summation in case of two-, three- and
four-level quantization. A generic model is developed for determining the proba-
bility density of the output of a digital adder. This probability density is then used
to determine the efficiency of a total power receiver. The sumsignal is also used
in correlation interferometers where the sumsignal is correlated with the signal
from, for example, a VLBI partner. In this application, the efficiency is expressed
in so-called ’degradation factors’. The efficiency of a total power receiver and the
degradation factors of a correlation interferometer in combination with a TAA had
already been analyzed in [48]. That analysis is restricted to single-bit quantiza-
tion (two-level quantization) before summation and single-bit quantization after
summation. In this chapter, we use the approach, presented in [48] and extend
it to three- and four-level quantization before summation and to two-bit correla-
tion after summation. At the end of this chapter, we will reflect on the process of
designing a Tied Array Adder, based on the Y-chart approach.

9.1 Introduction

Several authors considered the effects of coarse quantization in an interferometer
using a Tied Array ([40], p. 27, [83] p. 181 and [84]). Degradation in sen-
sitivity due to coarse quantization (2, 3 and 4 level) in correlation interferometry

"Large parts of this chapter have been published in publication
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was considered by many authors and is summarized in [40].

Because of quantization before summation within a digital TAA, quantization
noise is added. The signal before quantization consists of two parts: the astro-
nomical signal, which is the signal of interest to the astronomer, and the noise
produced by the analog parts of the receiver. By quantization, a third signal is
added: the quantization noise. In expressions concerning the SNR of a signal, the
astronomical signal is defined as ’Signal’ and the sum of the noise produced in
the analog parts and the quantization noise is defined as ’Noise’. So, by adding
quantization noise, the Signal-to-Noise Ratio (SNR) of the signal is decreased.
The decreased SNR of a single signal will lead to a decreased SNR after summa-
tion of signals from different telescopes within the TAA. This, on its turn, will
lead to decreased SNRs at the output of a total power receiver and at the output of
a correlation interferometer, connected to the output of a TAA. The SNR loss is
characterized by the efficiency, in case of a total power receiver and degradation,
in case of a correlation interferometer. These are coefficients (less than 1) which
are multiplied with the SNR, in case an ideal analog TAA is used, to obtain the
SNR in case a digital TAA is used. The problem is to find these efficiencies and
degradation factors.

9.1.0.1 Generic description of a digital Tied Array system

A generic elaborated block diagram of a digital Tied Array system is given in
figure(9.1.

Although this is a generic block diagram, we will adopt the terminology that is
used within the DZB of the WSRT. This, however, will not limit the applicability.
At the top we see the analog baseband signals Y to Y); from the multiple dishes,
connected to the ADC subsystem. Within the ADC subsystem, the power of a
signal is controlled via an Automatic Gain Control (AGC) circuit. The function-
ality of an AGC will be explained later on. The signal is quantized by an ADC.
The TAA sums the signals from different telescopes in the digital domain which
results in the digital signal . This signal is converted into the analog domain by
means of a DAC. The output of the TAA is the analog signal Y¢. The subscript
Y indicates that the signal is a sum of signals and the superscript d indicates that
the summation is done in the digital domain. The sumsignal can be used by a
total power receiver or by a correlation receiver. We assume an analog total power
receiver. For the correlation interferometer, there basically are two options. The
output of the TAA is correlated with a telescope which is part of the same multple
dish receiver. In this case, there is a direct connection from the output of the TAA
to an AGC, indicated by a short dashed arrow in figure!9.1| In this case, the AGCs,
ADCs and correlator in the bottom part of figure 9.1|are part of the same back-end
as the AGC’s and ADC’s in the top part of the figure.
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In the second case, there is a large geographical distance between the multiple
dish receiver which generates the sumsignal Y¢, and the receiver which generates
the signal Y, with which the sumsignal is to be correlated. In this case, the so-
called baseline between the multiple dish receiver and the *partner’ receiver is very
large and the observation technique is called Very Large Baseline Interferometry
(VLBI). In this case, there is no direct connection between the receivers generating
the signals Y¢ and Y, and the VLBI correlator because the distances are too large.
For that reason, the signals are stored on tape and the tapes are transported to
the VLBI correlator. By playing the tapes at the site where the VLBI correlator
is located, the signals, recorded at the multiple dish receiver and at the partner
receiver, can be correlated. This also explains the concatenation of a DAC within
the TAA and the AGC and ADC within the VLBI correlator. This sequence is
superfluous from a functional point of view. However, the interface at the input
of the VLBI correlator is standardized. It requires an analog signal at the input
eventhough this is not optimal from a realization point of view.

The analog baseband signals Y; to Yy, Yg’ and Y, are connected to the ADCs
via an Automatic Gain Control (AGC) circuit. The purpose of the AGC is to
maintain a constant RMS level at the input of the ADC. An ADC includes a 2,
3 or 4-level quantizer and a sampler. The combined functionality of the AGC
together with the ADC is illustrated in figure|9.2.

We use a single model to describe the three different quantizers. The starting
point is the 4-level quantizer. The model of the 4-level quantizer can be used to
describe the 3-level and 2-level quantizers as well. The 4-level quantizer divides
the input amplitude range into 4 non-overlapping sub-ranges and with each sub-
range, a decimal value is associated. The input amplitude range is divided into
4 sub-ranges by 3 reference levels: the *+’ level, the ’0’ level and the ’-’ level.
The ’+’ and ’-’ levels are proportional to the RMS input level of the input signal.
For the 4-level quantizer, the '+’ and ’-’ levels are at the +o- and —o- levels
respectively, where the power of the signal at the input of an AGC equals o>.
The "0’ level is at the DC level of the input signal. This way, the four sub-ranges
are defined. Associated with each sub-range is a value V;, i = 1,....,4. If the
instantaneous amplitude of the input signal is above the *+’ level, the output of the
ADC equals V,. If the input is between the 0’ and '+’ levels, the output equals
V3. If the input is between the ’-> and °0’ levels, the output equals V, and if the
input is below the ’-’ level, the output of the ADC equals V. In our analysis we
use the values V, =3, V3 =1, V, = —1 and V| = -3 for the 4-level quantizer.

The 3-level and 2-level quantizers are obtained by changing the positions of
the reference levels and by assigning other values to V,4 to V;.

For the 3-level quantizer, the *+° and ’-’ levels are located at 0.60 and -0.60
respectively. Furthermore, V, = 1, V3 = 0, V, = 0 and V; = —1. Effectively, the
"0’ level is not used because V3 = V,. Note that we use a decimal representation
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Figure 9.2: Combined functionality of the AGC and the ADC for 4-level, 3-level
and 2-level quantization
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for the output of the quantizer. When implementing the quantizer, two bits are
necessary to encode the three states. From this point of view, 3-level quantization
is not optimal.

For 2-level quantization, the ’+°, ’-> and ’0’ levels are all located at the DC
level of the input signal. Because of the location of the reference levels, the out-
put of the ADC consists of a sequence of values V| and V,, more specifically, a
sequence of -1 and 1.

Quantization at fixed fractions of the RMS levels of the input is often used in
correlation interferometers to optimize the SNR after correlation (see [85], [86]
and [87]).

A generalized quantizer has three reference levels: the ’+’ level at lo-, the *(’
level at O and the ’-’ level at —lo~. The 4-level quantizer is specified by: [ = 1,
Vo =3,V3 =1,V, = —1 and V; = -3. The 3-level quantizer is specified by:
[=06,Vy,=1,V3=0,V, =0and V; = —1. The 2-level quantizer is specified
by:[=0,V,=1,V3=—,V, =—and V|, = —1, where '’ indicates ’don’t care’.

After defining the decimal values at the output of different quantizers, we can
define the digital summation in the TAA. The summation sums the decimal val-
ues of the outputs of the quantizers which results in a decimal value. In a real
implementation, this decimal result will also have a binary representation.

The functionality of the DAC within the TAA is to convert the decimal value
into a voltage or current which is proportional to the decimal value.

The delay compensation, within the ADC subsystem and between the multiple
dish receiver and the VLBI partner, is assumed to be executed correctly and is
therefore ignored in this context.

9.2 Probability density of the sumsignal

In this section, we determine the probability density of the sumsignal Y¢. This
distribution is then used to determine the efficiency of the total power receiver.
After that, we combine the probability density of Y¢ with the probability density of
the signal Y), to determine the degradation factor of the correlation interferometer.
In order to determine the probability density of the analog sumsignal Y¢, we first
determine the probability density of the digital sumsignal X via the model depicted
in figure(9.3.

The analog antenna signals at the input of the AGCs of the multiple dish re-
ceiver, consist of a signal common to all antennas (the correlated part Ny) and
noise produced in the analog receiving systems (the uncorrelated part N;, for
i=1,...,M). Nyto Ny are modeled as Gaussian noise sources with zero mean.
The noise produced in the receiver systems (N to Ny,) is assumed to have equal
power and without loss of generality we can say that the noise power of Ny, the
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Figure 9.3: Noisemodel of the Tied Array Adder

correlated noise source, equals the power of N; to Ny, and equals 1. The signals
Y; to Yy, in figure|9.3/correspond to the signals at the input of the ADC subsystem
(see figure(9.1). Within a quantizer Q;, i = 1, ..., M, the functionalities of an AGC
and an ADC are combined. The amount of correlation between two arbitrary sig-
nals Y; and Y; is determined by the multiplication factor b *. Any pair of signals
out of the set Y| and Y), has a joint probability density function with correlation
coefficient r, where r = b*/(b* + 1), see [88], p. 484.

In case the noise sources N; (i = 1,..., M) have equal power, the signals N;
have equal statistical properties and will further be denoted as N. The same is
valid for Y; and for Z;, the quantized version of Y;. Y; and Z; will be denoted as Y
and Z. Ny, N, Y and Z have instantaneous values ng, n, y and z.

First we will determine the probability that the output of a single quantizer has
the value V;. After that, the probabilities for the output values V,, V3 and V, can
be obtained easily. These probabilities are then used to determine the probability
density of the sumsignal X.

The output Z of a quantizer equals V; if the corresponding input Y is below
the *-" level (see figure|9.2): z = V| if y < —lo~. Because y = n+ bn, the following
is also valid: z = V; if n + bny < —lo. Suppose we know ny, we can rewrite this

%In the previous chapters and in appendix[D} b is used to indicate the ’resolution’ or *number
of bits’ of an ADC. In this chapter, we will use b to indicate the RMS value of the correlated part
of two signals and the resolution of ADCs is indicated by the expressions ’2-level’, *3-level” and
"4-level’.
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into: z = Vy if n < —bny — lo. n represents an instantaneous value of a Gaussian
noise source which has a normal distribution. We can use this to determine the
conditional probability that z equals V:

—bng—lo 1 -
Pz(z=Vi|nyg) = /_oo \/276‘7” dn
—lo
1 1 2
_ —5(n=bny)
= ——e 2 dn 9.1
/_m Nor ©-)
In a similar way we can deduct:
0
Py(z=Vy|ny = / Le—%@—b"ofdn (9.2)
—lo \/ﬂ
lo
Py(z=V3|ny) = / Le—%@—b"wzdn (9.3)
o V2r
Py(z=Vy|ny = / ) Le-%m-bﬂo)zdn (9.4)
lo \/2_77'

The conditional probability density function of the output of a single quantizer
can then be described as:

Pz(z|ng) = Pz(z=Vi|ng é(z—Vy)
+ Pz(z=Vy|ng) 6(z—V3)
+ Pz(z=V;3|ny) 6(z—V3)
+ Pz(z=V4|ng) 6(z—Va) 9.5)

The multiplication with the delta functions ¢ forces the density to have a finite
probability at the four different output values of a single quantizer. Using the
conditional probability densities of the different quantizers, the conditional prob-
ability density Ps(s | np) of the sumsignal X can be determined. Suppose, for
i =1,2,3 and 4, k; is the number of quantizers which have a decimal output value
V; and suppose the decimal value of the signal after summation X equals s, then
the following condition is met:

Viky + Voky + V3k3 + V4k4 =S (96)



9.2. PROBABILITY DENSITY OF THE SUMSIGNAL 169

Because the total number of antennas equals M:

k1+k2+k3+k4:M (97)
From the set of M antennas, there is a subset of k; antennas having the value
Vi. There are ( L ) possible subsets with k; antennas. The probability that there

are k; antennas having the output value V; equals P(z = V; | ng)%. The conditional
probability density of the sumsignal therefore becomes:

reo= 3 (0 ) () (0) (&) oo
ky ko k3 .ka

Pz(z= Vi | ng)t - Pz(z = Va | np) -
Pz(z= V3| ng)¥ - Pz(z = Vy | np)k

and for all kl, kz, k3, k4,
V]k] + V2k2 + ngg, + V4k4 =3, and
kl +k2+k3+k4:M
The source N, is a Gaussian noise source with power equal to 1, thus the

expression for the (unconditional) probability density function of the digital sum-
signal Ps(s) equals:

& 1 1.2
Ps(s) = / \/Ee_ino - Ps(s | no)dny 9.9)

To give a few examples, this expression is used to generate the probability
density of the sumsignal X for the case of 14 antenna’s, 4 level addition and r =
0.01, r = 0.5 and r = 0.99 (b=0.101, b=1 and b=9.95 resp.). The results are
presented in figure 9.4,

We see that for a small correlation coefficient, the probability density of the
sumsignal very much resembles the probability density of a Gaussian signal.
When increasing the correlation coefficient r, the ‘tails’ of the probability den-
sity are cut. For a correlation coefficient close to one, the probability density
resembles the probability density of the output of a single ADC multiplied by 14.

From figure 9.1, we see that the digital sumsignal is converted to an analog
signal by a DAC. We assume that this is an ideal component and therefore:

Pyg(s | o)
PYg(S)

Ps(s | ng) (9.10)
Ps(s) (9.11)
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Figure 9.4: Probability density of the sumsignal X using 14 antenna’s and 4 level
addition

In the next section, these probability functions will be used to determine the effi-
ciency in case the sumsignal is connected to a total power receiver and to deter-
mine the degradation in case the sumsignal is connected to a correlation interfer-
ometer.

9.3 Total Power Detection

9.3.1 The Total Power Detection Efficiency

In this section, the efficiency (57¢, where the superscript tpd indicates *Total
Power Detector’) of the digital TAA, connected to a total power receiver, is deter-
mined. The efficiency is defined as the ratio of the SNR in case of a digital TAA
(S NR*'P?) and the SNR in case of an analog TAA (S NR*'P?):

SN Rd,tpd
= SNR
A general expression for the SNR can be deduced using expression|7.2, giving the
observed flux density and expression|7.4, giving the RMS flux density. We repeat
these expressions:

tpd

(9.12)
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2kT
So="-~ (1.2)
A,
where
So = fluxdensity (Watt per Hz per m?)
k = Boltzmann’s constant (= 1.38 1072 Watt Hz™' K™)
T, = antenna temperature (K)
A, = effective antenna aperture (m?)
2kK T,
AS rms —_— = m)
VAV tN Ae
where

AS ;s = standard deviation(Watt per Hz per m?)
K, = sensitivity constant (dimensionless)
Av = predetection bandwidth (Hz)
= postdetection integration time (s)
N = number of records averaged (dimensionless)

Ty, = system temperature, (K)

The SNR is then generally defined as:

S Ty, VAVN t
SNR= 20 — -4 VOV 9.13)
ASrmS TSyS KS

The problem with a total power receiver is that it is not possible to determine 7'y
independently from T, because Ty, = T4 + Tg (expression|7.3). For that reason,
at least two measurements are used to determine the SNR. First, T, is deter-
mined by pointing all antennas within the Tied Array at a ’silent’ part of the sky
(off-source measurement). Ideally, in this case there is no correlation between the
signals from individual telescopes. Refering to figure 9.3, this situation is mod-
eled by b = 0. Because the off-source measurement corresponds with the case that
b = 0, the corresponding temperature is denoted as 7T',,(0). Second, the telescopes
are pointed towards the object of interest (on-source measurement). In general, the
correlation between the signals from two telescopes is small which corresponds
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with small values of b. The measured temperature is denoted as 7y,(b). The dif-
ference between the off-source and on-source measurements indicates the antenna
temperature 7. The resulting expression for the SNR becomes:

Tsys(b) - Tsys(o) VAV Nt

SNR =
Tsys (O) Ks

(9.14)

Ty(b) - VAv is proportional to the average value of the Square Law Detector of
the total power receiver, also for b = 0. Another term for "average value’ is “first
order moment’, s0 Tyy,(b) - VAv is proportional to the first order moment of the
squared output of the TAA. In case of a digital TAA, this first order moment o is
determined by the probability density Pya:

[e9)

af(b) =" 57 Py(s) (9.15)

S=—00

The final expression for the SNR in case of a digital TAA becomes:

@{(b) — af(0) VN 1

SNRHP =
i) K,

(9.16)

This value (S NR%'?) can be related to the SNR of an analog adding system
S NR*'P4 where S NR*'" has been determined under the same conditions. In
case of analog summation, the block diagram shown in figure [9.5/is used.

The difference between this block diagram and the block diagram for a digital
TAA, presented in figure (9.1, is that there is no conversion from the analog do-
main into the digital domain before summation and no conversion from the digital
domain into the analog domain after summation. Consequently, the summation is
done completely in the analog domain. The task of the AGCs before summation
is to guarantee that all signals have equal power before summation.

To determine the SNR of an analog adding system, the probability density
of the signal Y3 (where the superscript a indicates the analog adding system) at
the output of the analog adding system has to be determined. In total there are M
telescopes where the signal from each telescope consists of two parts: a part which
is correlated with other telescopes (the astronomical signal) and a part which is
uncorrelated with other telescopes (receiver noise). The power of the correlated
part equals b?, the power of the receiver noise equals 1. In the analog TAA,
the signals from M telescopes are summed where the voltages of the correlated
signals and the powers of the uncorrelated signals are summed. The power at the
output of the analog TAA therefore equals M + (Mb)>. Because all signals have
a Gaussian probability density, the probability density of the output of the analog
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Figure 9.5: Block diagram of an Analog Tied Array system
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Table 9.1: Total power receiver Efficiency 17

Number

of 2-level 3-level 4-level
antennas

1 0.000  0.000  0.000
2 0.45 0.482 0.5

3 0.52 0.602  0.637
4 0.552 0.658 0.701
5 0.57 0.69 0.739
6 0.582 0.711 0.764
7 0.59 0.726  0.781
8 0.597 0.737 0.794
9 0.602 0.745 0.804
10 0.605 0.752 0.812
11 0.609 0.758 0.819
12 0611 0.762 0.824
13 0.614 0.766  0.829
14 0.616 0.77 0.831

TAA is Gaussian as well. The resulting probability density becomes:

2

1 1
e > M+b? 9.17)

\V27(M + (Mb)?)
The moments and the SNR of the analog adding system are then defined by

Pya(s) =

ad(b) = /oo (s?) - Pye(s) ds 9.18)
e _ @) —a$(0) VN 1
S NR®Pd — 2 0) e 9.19)

The ratio of the SNR in case of a digital TAA (expression|9.16) and the SNR in
case of an analog TAA (expression|9.19) is defined as the efficiency of the digital
adding system (expression 9.12). In table 9.1, the efficiency is given for 2-, 3-
and 4-level quantization before summation using a power increase of 2.5 % (b =
0.025) and a small number of telescopes (up to 14 telescopes).

A graphical representation of these values is given in figure|9.6.

The efficiency of the digital TAA increases with an increasing number of tele-
scopes. For the sum of a large number of telescopes, the efficiency appears to
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Figure 9.6: Total power receiver Efficiencies for 2-, 3-, and 4-level addition

approximate the well-known factors 2/m, 0.81 and 0.88 for 2-, 3- and 4-level quan-
tization respectively (see [86] and [87]).

The values presented may be useful for calculating the TPD effectivity in, for
example, pulsar observations. If 14 antenna-signals are summed using 3-level
quantizers, the effective antenna area can be calculated as 14 - 0.77 = 10.78 times
the effective antenna area of a single telescope. This is valid in case of equal
receiver temperatures. In case of unequal receiver temperatures the calculation
of the effective signal temperature and antenna temperature is not straightforward
and is elaborated in appendix G.

The general conclusion is that, because of coarse quantization, the efficiency
of a digital TAA degrades significantly.

9.4 The correlation interferometer mode

After determining the efficiency of the digital TAA in combination with a total
power receiver, we have to determine the degradation factor in case the TAA out-
put is used by a correlation interferometer. The use of a TAA in a correlation inter-
ferometer mode is illustrated in figure(9.1| In the bottom right part it is shown that
the digitally summed signal is correlated with another signal. This can be a signal


tpd01.eps

176 CHAPTER 9. EVALUATION OF A TIED ARRAY ADDER

from a VLBI partner but it can also be the output from another TAA (Compound
Interferometry) or a signal from a single dish receiver, which is an element of the
same multiple dish receiver. We will refer to this signal, however, as the signal
from a VLBI partner. In expression 9.10 (together with expression|9.8), the con-
ditional probability density Py«(s | no) of the sumsignal is given. To calculate the
SNR at the output of a digital correlator, we have to determine the joint probabil-
ity density function of the sumsignal Y¢ and the signal ¥, from the VLBI partner
(see also figure [9.1). To make use of the previous calculations concerning the
sumsignal, we will determine the joint probability density function of the signal
Y, from the VLBI partner and the correlated signal, represented by noise source
N (see figure[9.3) . It is assumed that the receiver system of the VLBI partner is
identical to the receiver system of a single element of the array. Since Ny and Y,
are Gaussian noise signals, the joint probability density function fy,y, (10, y,) is a
bivariate normal distribution (see [14], pg. 147) where the correlation coefficient
can be defined as r,, so

2 2
n 2rpngy, y
1 1 0 _ ='phoYp 4P

Inoy, (1o, yp) P (9.20)
2n0y, 0N, /1 = rI%
ENo-Y,) b
ONOy, 1-V1+5b2

where r equals the correlation coefficient between any pair of signals ¥; and Y;
(i,j=1,..,M,and i # j). If we now look at the joint probability density of ¥,
and the sumsignal Y¢ and realize that oy, = 1, we see:

Tp

= \r (9.21)

Pyay,(5,yp) = / Tov, (10, yp) - Pya(s | no) dng

® 1
[ fin 02

2
-2 2rpngyp ’211
2(1-r%) Ty r
e P P typ 'PYg(San)dno

This joint probability density will be used in the next section to determine the
SNR of a correlation interferometer, using the sumsignal of a digital TAA.

9.4.1 The Degradation Factor

In this section, the Degradation Factor in case of a correlation interferometer will
be defined. For this, the SNRs in case of a digital TAA and in case of an analog
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TAA are determined.

9.4.1.1 Signal to noise ratio in case of a digital TAA

The analog sumsignal Y¢ is quantized before (VLBI-)correlation (see figure[9.1).
The same ADCs as before the summation are assumed and their functionality is il-
lustrated in figure(9.2l The SNR of a digital correlator has been studied by Cooper
[86] and Bowers and Klingler [85]. In this document, the approach of Cooper is
adopted.

The generalized SNR of a correlator using the sumsignal of a digital TAA is given
as follows:

E(Z - Z,) VAvitN

SNRd,int —
VE(ZE -7, -EZ¢-Z,> K

(9.23)

The superscript ’d, int’ indicates digital summation and the correlation inter-
ferometer mode. We assume small correlation coefficients, which means that the
correlation between the signals to be correlated, Zg and Z,, is close to zero, thus
E(Z¢ - Z,) is close to zero. We approximate the SNR as follows:

EZ¢-7,) VAVIN
E(Z -7, K

To determine the SNR, we have to determine E(Z¢ - Z,) and E((Z¢ - Z,)*). Z¢
and Z, are Gaussian noise signals which are coarsely quantized. The quantization
process is illustrated in figure9.2. Each signal can have 4 possible output values.
The maximum number of combinations of ZZ and Z, therefore equals 16. We
can construct a matrix, called the product matrix of the correlator, where the row
index is determined by the digital value at one input (say the digitized output ZZ
from the digital TAA) and the column index is determined by the digitized signal
from the VLBI partner Z,. An element within the matrix gives Z. = Zg’ -Z,, which
equals the product of the two digital values used to select the row and column in
which the element resides. The joint probability density of the inputs Z¢ and Z,,
is given in expression 9.22, The correlator product matrix, the input signals and
their probability densities are schematically illustrated in figure9.7.

The output of the multiplier is the product of the two inputs. Both inputs have
only four possible values V;, V,, V3 or V,. Values that are often used for 2-bit
correlation are -3, -1, 1 and 3 respectively. In this case, there are 6 possible output
values ranging between -9 and 9.

To calculate the average value of the correlator output E(Z.), we have to cal-
culate, for every possible output value, the probability that this output will occur

S NR4nt ~ (9.24)
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Figure 9.7: Product matrix of the correlator
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and use these values in the following way:

4 4
EZE-2,)=) ) Pl - ViV (9.25)

=1 j=1

where P?/,-vj indicates the probability that the quantized input from the digital Tied
Array equals V; and the quantized input from the VLBI partner equals V;. We will
give expressions for Pi’,l_vj later on. First, we will further elaborate on how these

values are used to calculate S NR%™

If we assume that both the density of the output of the TAA and the density
of the signal from the VLBI partner are symmetrical around the 0-level, we only
have to evaluate either the upper-, lower-, left- or right half of the product matrix.
We chose to evaluate the upper half:

4 4
EZ-Z,)=2) > P}, ViV, (9.26)
i=3 j-1
In a similar way, E((Z¢ - Z,)*) (=E(Z?)) can be calculated:
4 4
E(ZL-2))=2> > Py -(ViV)) (9.27)
i=3 j=1

The SNR, in case of a digital TAA used in the correlation interferometer mode,
then equals:

4 4
g — 2w 2 Pl ViV VAVIN
= == v
\/Zi:3 Zj:l P?/,.Vj -(ViV))?

(9.28)

To evaluate P“i,ivj, we have to use the joint probability density of Y¢ and Y,
given in expression [9.22. The following expressions describe the probabilities
Pﬁl/l_vj fori=3,4and j=1,2,3 and 4:
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upper limit -

Z PYgYP(i’ yp) dyp (929)
i—ceil(‘+* level) '

Pé‘1/4V4

upper limit .
Py, = > Pyay (i.y,) dy, 9.30)
i=ceil(‘+ level) " ™~
floor(‘+° level)

Py, = > / Pyay, (i, ) dy, (9.31)
i=1 !
upper limit ;

Ply, = > Pysy (i.y,) dy, 9.32)

i=ceil(‘+° level) 0
floor(‘+° level)

-
Pf/SV] = Z / PYgY,,(i’)’p) dy, (9.33)
i=1 -
upper limit B
Py, = > Pyay (i.y,) dy, (9.34)
i=ceil(‘+° level) -
floor(‘+* level)
Ply, = > / Pyay, (i,yp) dy, 9.35)
i=1 0
floor(‘+° level)
Py, = > / Prgy, o3 dy, (9.36)
i=1 -

To understand the boundaries of the summations, we have to realize that the
digital signal after summation is converted to an analog signal. We assume an
ideal DAC which converts the decimal value linearly into a current or voltage,
proportional to the decimal input value. This analog signal is quantized with a
quantizer with three reference levels, the "+’ level, the ’0’ level and the ’-’ level
(see figure[9.2). Because we use the upper half of the product matrix of the cor-
relator, we concentrate on the +’ and 0’ levels and the maximum value of the
sumsignal. The ’upper limit’ corresponds to the maximum decimal value at the
output of the summation. For example, for 14 telescopes, the maximum deci-
mal value equals 14 x 3 = 42. The '+’ level corresponds to / times the standard
deviation of the signal at the output of the summation. In general, / times the stan-
dard deviation will not equal a decimal value and we therefore use the ’ceil’ and
"floor’ operations to determine the summation ranges. The ceil operation selects
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the nearest decimal value which is larger than the given value. The floor operation
selects the nearest decimal value, which is smaller than the given value. The (0’
level corresponds to the average value of this signal. Because the outputs of the
quantizers are chosen symmetrically around zero, the average value of the signal
after summation will be zero as well.

Because of this, there is a finite probability that a decimal output of the sum-
mation exactly equals the *0’ level. Note that this is only possible if the signals
from an even number of telescopes are summed. If for example the signals from
two telescopes are summed, the possible values after summation are: -6, -4, -2, 0,
2,4 and 6. In that case, the values that equal O are not used because the summation
starts at 1 (see expressions|9.31}9.33,/9.35/and[9.36).

9.4.1.2 Signal to noise ratio in case of an analog TAA

For the derivation of the SNR in case of an analog TAA, we use the same approach
as for the derivation in case of a digital TAA. We first derive the joint probability
density of the output of the adder and the signal from the VLBI partner. This
density is used, together with the product matrix of the correlator, to determine
the SNR in case of an analog TAA, S NR*™. The superscript ’a, int’ indicates
analog summation and the correlation interferometer mode.

The joint probability density function of the analog signal of the VLBI partner
(Y,) and the analog signal of one individual element of the array (Y;) is known
and the average of the product of these 2 signals equals: E(Y, - Y;) =r- oy, - oy,
assuming the delays will be corrected ideally. Of interest is the joint probability
density function of Y, and the analog signal Y3 at the output of the adder. We
define r* as the correlation between the signal Y, from the VLBI partner and the
output of the analog adder Y3:

_E(, -7

g Y,

rt (9.37)

. O'Yg

For the power at the output of the array (0'%,;) we find according to [14], [88] and

[89]:

Tye = Moy, (1+ (M = 1)r) (9.38)

where M equals the number of telescopes within a subarray. E(Y), - Y5) equals:

E(Y, Y&)=M-E(Y, Y)=M-r-oy, oy, (9.39)

By using expressions|9.38 and|9.39 in expression|9.37/and assuming oy, = oy,
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we obtain:

0 M
r“ = r\/—(l T M=) (9.40)

The joint probability density function of Y, and Y5 is just a bivariate normal dis-
tribution with correlation coefficient r*:

1 ((y%)z 2r‘1y>‘7:_vp+ y%’ )

T2 2T 2

Py (5. y,) = 1 M) e T A,
vey,Wss Yp) =

e
20 yaory, \/ 1 = (r9)?

9.41)

For small correlation coefficients, the analog SNR (S NR*™) can be defined
as:

oygein ~  BZ-2)  NAVIN

9.42
X (9.42)
o 2)
The expected values are determined in a way, similar to the digital case:
4 4 pa
S NR&n = 2iss 21 Poy, - ViVi  NAvIN (9.43)

4 4 " K,
\/Zi:l Zj:l Pvivj ’ (Vivj)2

The different probabilities are calculated as indicated below:
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Pyy, = /I i /I . Pyay,(vs, yp) dyp - dys (9.44)
Pyy, = /l m /_ :P vey, V%, Yp) Ay, - dys (9.45)
P‘xl/3v4 = /Ol /l‘x’ PY§Y,,()’§a)’p) dyp - dys (9.46)
Pyy, = /l m /0 IP vey, 0%, ¥p) dyp - dyg (9.47)
Pyy, = /0 | /_ :P vey, 0%, ¥p) dyp - dyg (9.48)
P‘xlqu = /l"o /_:) PY;YP(Y%»)’p) dy, - dys (9.49)
Pyy, = /Ol /01 Pyay, 0%, Yp) dy, - dys, (9.50)
1 0
Pyy, = /0 /_l Pyay, (05, ¥p) dy, - dyy, (9.51)

These expressions resemble the expressions for Pﬁ’/l_vj in case of a digital TAA.
The difference is that, in case of a digital TAA, the probability density of the
output signal indicates a non-zero probability only for a limited number of discrete
values. In case of an analog TAA, the probability density of the output signal
is a Gaussian distribution, having a non-zero probability density for all values.
For that reason, the summations in the expressions for Pi’,l_vi, in case of a digital
TAA, are replaced by corresponding integrals, in case of an analog TAA. The
probabilities Py, are used in expression|9.43 to calculate S NR™.

9.4.1.3 The Degradation Factor

We now have an expression for the SNR in case of a digital TAA (expression|9.28)
and an expression for the SNR in case of an analog TAA (expression 9.43). We
define the Degradation Factor 77 as follows:

SNRd,int

= SNRa,int
Expression 9.52!is used to calculate Degradation Factors for different situa-
tions. For both one- and two-bit correlation interferometers, the Degradation Fac-
tors can be determined for 2-, 3- and 4-level quantization before summation. For
one-bit correlation, the Degradation Factors are given in Table 9.2 and for two-bit

int

(9.52)
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Degradation with 1-bit VLBI correlator
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Figure 9.8: One-bit correlation Degradation Factors in case of 2-, 3- and 4-level
addition

correlation, the factors are given in Table A graphical representation of the
same factors is given in figures|9.8/and|9.9.

For 2- and 4-level summation, an alternatively growing and falling degradation
appears. This can be explained as the zero-redundancy effect due to the adding of
an even number of digitized signals. In this case, there is a non-zero probability
that the output of the digital TAA exactly equals the O-level of the quantizer of
the correlator. In our calculations, we ignore these samples (see expressions|9.31]
9.33,19.35/and 9.36). In practice, the ADC of the correlator will randomly assign
the value V, or V3 (see figure(9.2) to these samples, giving the same effect: addi-
tional degradation. For 3-level summation, this zero-redundancy effect is present
independent of the number of telescopes. Together with the receiver temperatures
of the individual antennas, the Degradation Factor can be used to calculate the
effective signal temperature and antenna temperature for the Tied Array used as a
single dish in the correlation interferometer mode. This is elaborated in appendix

H.

If we look at the definitions of S NR%" and S NR“™ in expressions[9.24|and
9.42| respectively, and realize that the correlator variance using analog addition
is nearly equal to the correlator variance using digital addition, (E((Zg . Zp)z) ~
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Table 9.2: Degradation Factors n™ for one-bit correlation

Number

of 2-level 3-level 4-level
antennas

1 1 0.835 1

2 0.707 0.857 0.918
3 0.866 0.871 0.963
4 0.75 0.878 0.927
5 0.839 0.882 0.953
6 0.766  0.885 0.931
7 0.827 0.887  0.949
8 0.774  0.889  0.933
9 0.821  0.89 0.946
10 0.779  0.891 0.934
11 0.817 0.892 0.945
12 0.783 0.893 0.935
13 0.814 0.894 0.944
14 0.785 0.894 0.935

Degradation with 2-bit VLBI correlator
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Figure 9.9: Two-bit correlation Degradation Factors in case of 2-, 3- and 4-level

addition
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Table 9.3: Degradation Factors ™ for two-bit correlation

Number

of 2-level 3-level 4-level
antennas

1 0.851 1

2 0.807 0.863 0.935
3 0.851 0.893 0.952
4 0.752 0.9 0.937
5 0.833 0.901 0.951
6 0.786 0.899 0.938
7 0.818 0.897 0.944
8 0.796 0.895 0.94
9 0.805 0.898 0.946
10 0.799 0.9 0.937
11 0.809 0.901 0.945
12 0.798 0901 0.939
13 0.811 0.901 0.943
14 0.797 0.901 0.94

E((Z¢ - Z,)*)), the following is valid:

int E(Zg i ZP) _ E(Zf:l : Zp)/Ep:l _ [ﬁ
E(Zs-Z,) E(Z-Z,)E.-1 pa

(9.53)

where E,_; equals the correlator output if fully correlated signals are present at
the inputs of the ADCs, p, is the measured correlation coefficient using a digital
correlator and p,, is the measured correlation coefficient using an analog correlator.
Thus, calculated values for n™ also represent the quotient of p, and p, for small
correlation coefficients.

9.5 Summary of the results

From the analysis, we see that the efficiency reduces in case the output of a digital
TAA is connected to a total power receiver and that there is a degradation in per-
formance if the output of the digital TAA is used in a correlation interferometer.
Efficiency and degradation are related to the case where an analog TAA is used.
Both the efficiency and degradation depend on the number of telescopes within
a subarray. Generally, the efficiency in case of a total power receiver increases
for an increasing number of telescopes. It appears that for the sum of an infinite
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number of telescopes, the efficiency approximates the well-known factors 7%, 0.81
and 0.88 for two-, three- and four-level quantization respectively. Furthermore,
in case of a correlation interferometer using a digital TAA, the analysis shows
that for two- and four-level summation of a small number of antennas, an alter-
natively growing and falling degradation appears. This can be explained as the
zero-redundancy effect due to the addition of an even number of digitized signals
in these cases. For three-level summation, this zero-redundancy effect is present
independent of the number of telescopes.

9.6 Conclusion

The overall evaluation of the Analog-Digital Codesign of a TAA is given in table
9.4.

analog Tied Array Adder | digital Tied Array Adder
Pathlength Compensation Switching between Done by
waveguides ADC subsystem
Isolation -30 to -40 dB <-70dB
Efficiency 1 > 2/m and < 0.88
Degradation 1 >0.75and < 1

Table 9.4: Comparison between the analog Tied Array Adder and the digital Tied
Array Adder

Pathlength compensation will be very difficult to realize in an analog TAA.
Switching between waveguides of different length is not an attractive option for
baselines in the order of kilometers. A digital TAA for the WSRT can use the
pathlength compensation system of the DZB backend. This pathlength compen-
sation system combines two techniques to realize a delay. The sampling clock
can be shifted and a digital memory is used to delay the signal in multiples of
cycles of the sampling clock. Currently, this is an efficient way to compensate for
pathlength differences.

When using an analog TAA, satisfying the WSRT requirements concerning
isolation will be very difficult if not impossible. The requirement is that the signal
power, at the output of the TAA, from a telescope that is not part of a subarray is
70 dB below the power of this signal at the input of the TAA. The suppression is
called isolation. If analog power combiners are used, an isolation of -30 to -40 dB
is feasible. This is not sufficient. In case of a digital TAA, the isolation is very
large if the general design rules for digital design are followed.
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Because of the coarse quantization, used in the ADC subsystem, quantization
errors are introduced. Because of these quantization errors or quantization noise,
the SNRs of the signals are reduced. If a digital TAA output is connected to a
total power receiver, the efficiency of the overall system is reduced because of the
coarse quantization. This reduction is related to the case where an analog TAA
output is connected to a total power receiver. The efficiency is reduced to a level
between 64 % and 88 %.

If the output of a digital TAA is connected to a correlation interferometer, the
performance of the overall system degrades compared to the case where an analog
TAA is used. This degradation factor ranges between 0.75 and 1.

Both the efficiency and the degradation factor have values closer to 1 if quan-
tizers with a resolution larger that 2 bits are used. These situations can be analyzed
using the approach presented above, starting with the derivation of the probability
density of the sumsignal at the output of the TAA. However, since our aim was to
use a part of the already existing ADC subsystem, we did not analyze the effects
of ADCs with higher resolution.

Concluding, from an implementation point of view the digital TAA is pre-
ferred. Specifications are easier to satisfy and the costs are lower since a large
part of the TAA (the pathlength difference compensation) is already present in
another part of the system. From an observational point of view, the analog TAA
is preferable because the digital TAA has a lower efficiency (total power receiver)
and leads to degradation (correlation interferometer ).

For the implementation of a TAA for the WSRT, it was decided to implement
the digital TAA. The implementation aspects were given a higher priority than the
lower efficiency and the degradation.

9.7 Reflection on the design process

In chapter |8, we have described the design of a Tied Array Adder using the Y-
chart approach. We have gone through two iterations of the Y-chart approach. In
the first iteration, an analog TAA was briefly designed. In the second iteration, a
digital TAA using coarse quantization was described. In this chapter, we finalized
the performance analysis of the second iteration. In this section, we will reflect on
both design iterations.

9.7.1 The first iteration: the analog TAA

In the first iteration, we have gone through all stages of the Y-chart approach.
These stages are: ’Architecture Specification’, ’Functional Specification’, "Map-
ping’ and ’Performance Analysis’ (see figure|1.11). The most important aspects
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within the different stages are described below.

e Architecture Specification. The architecture consists of an analog process-
ing platform.

e Functional Specification. We have basically specified the functionality of
the TAA and the requirements concerning pathlength compensation and iso-
lation.

e Mapping. Because we have not defined the structure of the analog pro-
cessing platform, we have stated in the mapping stage that the pathlength
compensation and the summation will be realized on the analog processing
platform.

e Performance Analysis. Both the pathlength compensation and the summa-
tion of signals from different telescopes will be difficult to realize economi-
cally, using the analog processing platform. For that reason we have decided
to make use of the feedback path from ’Performance Numbers’ to ’ Architec-
ture Specification’. The goal of the second iteration of the Y-chart approach
is to modify the architecture to make realization of a TAA feasible.

9.7.2 The second iteration: the digital TAA

In the second iteration, we have gone through the ’Architecture Specification’,
the "Mapping’ and ’Performance Analysis’ stages of the Y-chart approach. The
"Application” has not changed. The most important aspects of the different stages
are described below.

e Architecture Specification. The basic idea is to realize the TAA in the digital
domain. Because the signals needed within the TAA are already digitized
in the ADC Sybsystem of the DZB, the ADCs within this subsystem are
used to convert the signals from the analog into the digital domain. Com-
pensation of pathlength differences and summation of signals from different
telescopes is realized in the digital domain. The sumsignals are converted
into the analog domain by DACs.

e Mapping. Besides the ADCs, pathlength compensation is also realized
in the ADC subsystem. The pathlength compensation within the TAA is
mapped onto this part of the ADC subsystem. The summation is mapped
onto a digital processing part, dedicated to the TAA.

e Performance Analysis. The requirements concerning pathlength compensa-
tion and isolation can be satisfied by the digital TAA. However, the ADC
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subsystem uses coarse quantization. The performance analysis is therefore
focussed on the analysis of the effects of coarse quantization. The analog
TAA acts as a reference and coarse quantization leads to loss of efficiency
and degradation.

The result of the two iterations is that an analog TAA is not feasible and that
the TAA will be implemented on a digital processing platform. When using parts
of the ADC subsystem, the effects of coarse quantization lead to an update of the
functional specifications because of the efficiency loss and degradation.



Chapter 10

Conclusion and future work

Many electronic systems can be characterized as mixed-signal systems; they con-
sist of an analog part and a digital part. The design of a mixed-signal system is
very often split into the design of the analog part and the design of the digital
part in an early stage of the project. We have called this approach the sequential
design methodology using the Specify-Explore-Refine-Verify paradigm. The in-
terfaces between the analog- and digital part are defined and frozen in a very early
stage and the analog- and digital design teams work independently and in paral-
lel. Both design teams solve their own problems and if the interfaces are defined
correctly, this leads to a workable design in a controlled way. This way of orga-
nizing the design of a mixed-signal system might lead to an optimal solution from
an engineering-management point of view but it very often leads to suboptimal
solutions from a realization- or implementation point of view.

An alternative Analog-Digital Codesign methodology is the iterative method-
ology using the Y-chart approach. Using this methodology, the role of the inter-
face between the analog- and digital parts of the system differs from role of the
interface in the sequential design approach. In the sequential design approach, the
interface is more or less a foothold on which the digital- and analog designs are
based. In Analog-Digital Codesign using the Y-chart approach, the interface is
one of the elements that can be used to influence the design. It is an additional
degree of freedom.

In mixed-signal systems, the Analog-Digital interface converts digital signals
into analog signals and analog signals into digital signals. These conversion pro-
cesses are basically specified by two parameters which have different interpre-
tations in the two domains. In the digital domain, these parameters are sampling
rate and resolution. In the analog domain these parameters are related to the band-
width of the signals and the Signal-to-Noise Ratio (SNR). In general, the conver-
sion from digital to analog is easier to implement than the conversion from analog
to digital. Feasible sampling rates (bandwidth) and resolutions (SNR) are there-
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fore often determined by the analog to digital conversion rather than the digital
to analog conversion. The implementation of devices that realize the conversion
from analog to digital (ADC) is generally considered as part of an analog design
process.

In this thesis, we used the resolution (SNR) of the interface between the ana-
log and digital part of a mixed-signal system as an element to influence the design
of that system. By reducing the resolution without increasing the sampling rate,
the complexity of the analog part of the system is reduced significantly. We con-
centrate on the resolution of the ADC in particular. We even reduce the resolution
of the ADC:s to an extreme extend (less than 5 bits). In this case, the quantization
is called coarse quantization.

We have selected two cases to illustrate the effectiveness of coarse quantiza-
tion using the Y-chart approach. In both cases, we go through the Analog-Digital
Codesign loop iteratively where coarse quantization is used, leading to a reallo-
cation of tasks and to alternative digital- and analog designs. The subject of the
first case study is digital predistortion of power amplifiers (PAs). A PA is the last
active stage in a (telecommunication) transmitter. The ideal PA is a linear device:
the amplitude of the output signal is a constant value times the amplitude of the
input signal. In practice, a PA exhibits non-linear behavior. The result is that the
original signal is more difficult to detect at a receiving device and that signals are
transmitted at frequencies where it is prohibited. To counteract these effects, dig-
ital predistortion is used. The general idea is to predistort the original signal in
such way that the combination of the predistortion and the non-linear behavior of
the PA results in linear amplification. Because the non-linear characteristics of a
PA change in time, due to temperature changes and aging, the behavior of the PA
is monitored continuously. The output of the PA is fed-back to a device which is
controlling the predistortion. By comparing the signal at the input of the PA with
the signal from the output of the amplifier, the non-linear characteristics of the PA
can be extracted. Because the PA is an analog device and the predistortion is exe-
cuted in the digital domain, the feedback path contains an ADC. In this case study
we analyzed, during the first iteration of the Y-chart approach, the performance of
an existing solution, the so-called Least Squares (LS-)predistorter. The LS predis-
torter gives significant reduction of the distortion that is introduced. Up to 16 dB
of suppression of unwanted signals (Adjacent Channel Interference or ACI levels)
can be obtained. The resolution of the ADC in the feedback path can be reduced
to approximately 4 to 5 bits without significantly reducing the performance. For
less bits, the performance degrades. A way to boost performance is to inject a
dithering signal just before the ADC. The basic principle is that the quantization
error and the original signal become uncorrelated because of the added dither sig-
nal. An important condition is that the dither signal should have sufficient power.
In our simulations we used uniformly distributed noise with a range correspond-
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ing to one quantization step (1 LSB). However, the predistortion control that uses
the data from the input and output of the PA, needs more data to estimate the
non-linear behavior of the PA. In case of 5 bits resolution in the feedback path,
8k samples are needed to obtain a suppression of ACI levels of approximately 10
dB. If 2-bit quantization is used, 32k samples are needed to obtain a suppression
of 6 dB. One characteristic of the LS predistorter is that the complexity of the
digital processing that controls the predistortion, scales linearly with the number
of samples used to estimate the non-linearity of the PA. This extends the time be-
tween the moment that the data is available and the time that the estimates of the
non-linearity of the PA are available, significantly.

In the second iteration of the Y-chart approach of a digital predistorter for PAs,
we tried to find an algorithm which first of all has a lower complexity than the LS
predistorter. Second, the complexity of the algorithm should be independent of
the number of samples needed to update the predistorter. This reduces the time
between the availability of the data and the moment on which the predistorter
can be updated if the same processing resources are used as for the LS predis-
torter. If the same timing as for the LS predistorter is allowed, less processing
resources are sufficient. The resulting predistorter is called the Crosscorrelation
predistorter. The general idea is to preprocess the signals from the input and out-
put of the PA with very low complexity, resulting in a small condensed data set
that contains all the relevant information. The Least Squares algorithm, as used
in the LS predistorter, can then deal with this condensed data set. The prepro-
cessing is realized by crosscorrelating the signals at the in- and output of the PA
with a single-bit reference signal. The complexity of this operation is very low
because no full precision multiplications are involved. The number of outputs of
the crosscorrelation (the number of points of the crosscorrelation function) is fixed
and, in general, much lower than the number of samples on which each point of
the crosscorrelation function is based. In our simulations we used crosscorrelation
functions consisting of 64 points. The Fourier Transforms of the crosscorrelation
functions are calculated resulting in spectra and the Least Squares algorithm uses
these spectra to extract the non-linear characteristics of the PA. By introducing the
crosscorrelation, the number of samples used by the Least Squares algorithm has
been reduced in typical cases from 8k points to 64 points.

By means of simulation, we have shown that the performance of the Crosscor-
relation predistorter is better than, or equal to the performance of the LS predis-
torter under the condition that the resolution of the ADC in the feedback path is
sufficient. However, the Crosscorrelation predistorter is more vulnerable to quan-
tization effects. In general, if less than 10 bits are used in the feedback path, the
performance of the Crosscorrelation predistorter is less than the performance of
the LS predistorter using the same amount of data. The performance of the Cross-
correlation predistorter can be increased by adding a dither signal, similar to the
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dither signal for the LS predistorter, and by increasing the number of samples used
to calculate the crosscorrelation function. This increase of data does not affect the
number of full precision multiplications that have to be executed. So, in general,
the complexity is not increased, only the update rate of the predistorter will be
affected.

The effects of coarse quantization and the addition of a dither signal have
been analyzed quantitatively. Because of quantization, quantization noise is added
to the original signal. In case of coarse quantization, the quantization noise is
correlated to the original signal and both the LS- and Crosscorrelation predistorter
introduce systematic errors in the estimate of the non-linear behavior of the PA.
By adding a dither signal, the correlation between the quantization noise and the
input signal is reduced, improving the performance of both types of predistorters.

In the second case study presented in this thesis, the Analog-Digital Codesign
of a part of a Radio Telescope is described. A Radio Telescope is an instrument
used for astronomical observations at Radio Frequencies (30 MHz to 300 GHz).
Two different types of telescopes are used: single-dish and multiple-dish. In this
case study, we concentrated on the design of a Tied Array Adder (TAA), a part
of the Westerbork Synthesis Radio Telescope (WSRT) which is a multiple-dish
telescope. Within a TAA, the signals from different dishes are first aligned in
time (pathlength compensation) and then summed. This enables the multiple-dish
telescope to be operated as a single dish. The Analog-Digital Codesign of a TAA
for the WSRT basically consists of two iterations of the Y-chart approach. In the
first iteration a completely analog realization is analyzed, in the second iteration a
completely digital realization is analyzed.

The starting point of the first iteration is the functional specification. The most
important specifications concern the pathlength compensation and the isolation.
Isolation is defined as the ratio of the power of a signal at the output and the power
of a signal at the input of a TAA in case the signal should not participate in the
summation. In the ideal case, this should be less than -70 dB. In the performance
analysis of the analog design, it becomes clear that the implementation of path-
length compensation in the analog domain is cumbersome and that the realization
of sufficient isolation is impossible without changing the functional specifications.
Since it is not desirable to change these parts of the functional specification, it was
chosen to develop an alternative architecture.

In the second iteration of the Analog-Digital Codesign of the TAA using the
Y-chart approach, the pathlength compensation and summation are mapped onto
the digital part of the system. This eases the realization of the pathlength com-
pensation considerably. Pathlength compensation had already been realized in
another part of the WSRT, the DZB backend. In this backend, telescope signals
are coarsely quantized (2 bits) before pathlength compensation. Pathlength com-
pensation is realized by means of digital memories and a mechanism to change
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the phase of the sampling clock. Because of the use of digital signals, the digi-
tal summation gives more than sufficient isolation. However, coarse quantization
introduced by the DZB backend, adds quantization noise to the telescope signals.
In the performance analysis of the second iteration, the effects of coarse quanti-
zation in the TAA application are analyzed. The effects differ for different types
of observations. We considered two types. In the first type of observation, a to-
tal power receiver is used to measure the power at the output of the TAA. In the
second type of observation, the output of the TAA is connected to a correlation
interferometer where the TAA output is crosscorrelated with another signal. This
can be a signal originating from a single dish telescope or from another TAA. For
both cases, the SNR in case a digital TAA is used (second iteration of the Analog-
Digital Codesign of a TAA), is compared with the SNR in case an analog TAA is
used (first iteration). In both the total power receiver and the correlation interfer-
ometer, the digital TAA results in a lower SNR. In case of a total power receiver,
the lower SNR attributes to a factor called ’efficiency’. The efficiency depends on
the number of telescopes of which the signals are summed and ranges between
64 % for one-bit quantization before summation and 88 % for two-bit quanti-
zation before summation. In case of a correlation interferometer using a TAA,
the ratio between the SNR in case of a digital TAA and an analog TAA is called
"degradation’. The degradation is also dependent on the number of telescopes that
participate in the summation and ranges between 75 % (one-bit summation) and
95 % (two-bit summation).

From both iterations, it is clear that the functional specification is affected. The
analog design results in a mechanism for pathlength compensation which is hardly
feasible and the specification concerning isolation can not be satisfied. However,
it does not lead to efficiency-loss or degradation. The digital design results in an
elegant and economically interesting design for pathlength compensation while
satisfying the isolation requirement. However, efficiency-loss and degradation
have to be accepted.

Both case studies, digital predistortion of PAs and a TAA for a Radio Tele-
scope, show the advantages of Analog-Digital Codesign via the Y-chart approach
using coarse quantization. First, the Y-chart approach facilitates and encourages
the search for alternative, more optimal solutions. The explicit performance anal-
ysis leads to a critical reflection of the analog- and digital design via explicit
feedback paths to functional specification, mapping and architecture specifica-
tion. Second, the Analog-Digital Codesign principle using the Y-chart approach,
leads to a more structured design flow where decisions at different levels are taken
explicitly. This design flow can also serve as a vehicle for the documentation pro-
cess. By assigning documents to the different iterations and phases of the Y-chart
approach, a well-organized documentation structure is introduced.

In this thesis, coarse quantization is used as an instrument to influence the de-
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sign of mixed-signal systems. Reducing the resolution of primarily the ADC is
an effective way to reduce the complexity of the analog part of the system. The
analysis of the effects of coarse quantization is, however, awkward. For that rea-
son, the use of coarse quantization is very often not investigated and therefore its
potential advantages remain undiscovered. In Radio Astronomy, however, there
is a tradition concerning coarse quantization. In Radio Telescopes, the signals
that are received are Gaussian signals and the effects of coarse quantization of
Gaussian signals have been investigated thoroughly. In modern telecommunica-
tion standards, the signals from multiple users are multiplexed onto one single
communication channel. According to the Central Limit Theorem, the signals in
the transmission- and receive paths of the telecommunication equipment therefore
can approximately be regarded as Gaussian signals as well. For that reason, the
analysis of coarse quantization, developed within the Radio Astronomy applica-
tion, is useful for telecommunication applications as well. It is important to note
that coarse quantization (without oversampling) is not useful if the instantaneous
values of signals are of interest, e.g. if the received signal is used to reconstruct a
speech signal sent by a telecommunication transmitter. It is only useful if certain
characteristics of signals have to be measured. If these signal characteristics are
known, instrumental effects e.g. PA non-linearity, can be deduced.

10.1 Main contributions of this thesis

The main contributions of this thesis are:

e The use of the Y-chart approach in two case studies where coarse quantiza-
tion is used as an instrument to influence the design.

e The development of the Crosscorrelation predistorter using a single-bit rep-
resentation of the predistorted signal.

e Extension of the existing algorithm to invert a polynomial relation so it can
be used in situations where a PA (model) introduces severe memory effects
and distortion.

e The introduction of a single general framework to analyze digital predis-
torters. The single framework is used to describe four different types of
predistorters: Indirect Learning - normal polynomials, Indirect Learning -
orthogonal polynomials, Direct Learning - normal polynomials and Direct
Learning - orthogonal polynomials.
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e A simulator to simulate the four different schemes for the two predistorters:
the LS- and the Crosscorrelation predistorter. This simulator was used to
generate the simulation results.

e A new way to analyze the performance of digital predistorters. The tradi-
tional way to analyze the performance is to generate a single signal and use
this signal repetitively to determine the predistorter settings. After a few,
often not specified number of iterations, the predistorter settings are fixed
and the spectrum at the output of the PA is determined. This spectrum is
used to calculate an Adjacent Channel Interference (ACI-) level. This level
is specific for the specific signal and only for a single power level at the
input of the PA. This does not give a realistic view of the performance of a
digital predistorter once operational. In our simulator we continuously gen-
erate new signals which are fed to the predistorter. We also continuously
monitor the output of the PA and judge the performance by two parameters.
We look at the average AClI-levels over all the iterations and we look at
the compression, introduced by the combination of the predistorter and the
PA. We repeat this for different power levels at the input of the predistorter.
We also analyzed the effects of (pre)distortion at several power levels at the
input instead of a single power level.

e The analysis of the effects of coarse quantization for both the LS- and Cross-
correlation predistorter and the presentation of simulation results when us-
ing coarse quantization.

e A general analysis of correlation of quantised noise and periodic signals.

e Presentation of the effects of coarse quantization in a TAA in a structured
way. An analysis of the effects was available in [89]. This analysis was
structured and extended (see publication [8]) and placed in the context of
Analog-Digital Codesign using the Y-chart approach.

10.2 Future work

The research, described in this thesis, can be continued in various ways.
First, the implementation aspects of both the LS- and Crosscorrelation pre-
distorters are important. Until now, the analysis of the implementation as-
pects has been limited to indicating the order of magnitude of the number
of full precision multiplications and very briefly elaborating the algorithms
for one specific processor. To obtain a realistic view of the feasibility of the
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predistorters, implementation aspects for different platforms have to be ana-
lyzed. These platforms can range from integrated circuits, fine-grain recon-
figurable hardware, coarse-grain reconfigurable hardware, Digital Signal
Processors (DSPs) to general-purpose microprocessors. One step further is
to analyze the implementation on a reconfigurable heterogeneous platform.
Second, a testbed is necessary to analyze the effectiveness of predistortion
in a real system. This testbed should incorporate the digital processing part,
the conversion stages from baseband to radio frequencies (RF) and from RF
to baseband, and a PA. Preferably, the testbed should be made modular in
such way that different PAs can be tested. Third, it is interesting to inves-
tigate the applicability of predistortion to compensate other effects within
the analog part of a telecommunication system. Known effects are, for ex-
ample, I/Q mismatch and LO leakage. The usefulness of predistortion can
be investigated in general and the use of the LS- and Crosscorrelation pre-
distorter in particular. Fourth, the concept of digital IF is emerging rapidly.
Digital predistortion at IF frequencies can not be analyzed using the frame-
work presented in this thesis. An extension is necessary to fully explore
the benefits of digital IF. The fifth subject for future work is to investigate
the effects of coarse quantization of digital-IF signals. Sixth, the concept
of Analog-Digital Codesign using the Y-chart approach can be used within
many other applications. One of the options is to investigate the benefits of
this approach for the design of an inkjet for a copier. In future generation
copiers, the status of the inkjet will constantly be monitored. When apply-
ing the predistortion concept, the status information can be used to control
the the ink-flow in such way that the effects of irregularities, introduced
by the inkjet, can be reduced. It is interesting to investigate whether the
concepts, developed in this thesis, apply to the inkjet application as well.



Appendix A

Elaboration of predistorter
options

In this appendix, the options presented in section 4.2.2.4, are worked out
resulting in four sets of expressions. These sets are presented in table A.1.
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Table A.1: Expressions for different predistorter configurations




Appendix B

PA models and simulation results

Within this appendix, different Power Amplifier models (PA models) are
introduced and results of simulations are presented. For the different ampli-
fiers, Adjacent Channel Interference (ACI) levels and Compression values
are given with and without predistortion for different standard deviations
at the input of the predistorter. Two different digital predistortion tech-
niques are used: LS predistortion and Crosscorrelation predistortion. For
both techniques, 4 results are given. Each result represents one predistor-
tion scheme. The 4 predistortion schemes are (see also section|4.2.2.4):

1. Indirect Learning, normal polynomials.
2. Indirect Learning, orthogonal polynomials.
3. Direct Learning, normal polynomials.

4. Direct Learning, orthogonal polynomials.

B.1 PA model 1

PA model 1 is a parallel Wiener model (see [64]):

3
yn) = Fi(Hi(x(n))) (B.1)

i=1

1+0.37" 1-02z7"

H =1, Hy(2) = H = B.2
12) =1, Hy(2) o1 3(2) 04 (B.2)
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K
Fix)=Y ax| x| (B.3)

k=1

The values for the polynomial distortion coefficients are:

aj; = 1.0108 +0.0858j, as; =0.0879 —0.1583,
as; = —1.0992 - 0.8891j, a;, =0.1179 + 0.0004 j,
ayp = —0.1818 +0.0391j, as, = 0.1684 + 0.0034, (B.4)

a3 = 0.0473 —0.0058, as; = 0.0395 + 0.0283,
as3; = —0.1015-0.0196/, a;; = 0, otherwise

The ACI-levels are given in figure B.1 for both the LS- and Crosscorrelation
predistorter and the compression is given in figure B.2. The dashed curves
show the values for the LS predistorter.
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B.2 PA model 2

PA model 2 is a memory polynomial model also from [64]:

K 0
W)=Y cgx(n = @)lx(n — g (B.5)
k=1 ¢=0

The values for the polynomial distortion coefficients are:

cio= 1.0513+0.0904 ), c3p = —0.0542 — 0.2900},

cso = —0.9657 —0.7028j, c;; = —0.0680 — 0.0023,

c3; = 0.2234 +0.2317j, ¢51 = —0.2451 — 0.3735}, (B.6)
cp = 0.0289 —0.0054 ), c3 = —0.0621 — 0.0932},

csp = 0.1229 +0.1508, cx, = 0, otherwise

The ACI-levels are given in figure B.3 for both the LS- and Crosscorrelation
predistorter and the compression is given in figure B.4. The dashed curves
show the values for the LS predistorter.
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B.3 PA model 3

PA model 3 is an arctan model from [65]:

y(n) = (a; tan™ (B [x(n)]) + a3 tan™" (Ba|x(n)]))e’ "™ (B.7)

where | = 8.0034 — j4.6116, a» = —3.7717 + j12.0376, B = 2.2690 and
B> = 0.8234.

The ACI-levels are given in figure B.5 for both the LS- and Crosscorrelation
predistorter and the compression is given in figure B.6. The dashed curves
show the values for the LS predistorter.
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Appendix C

System timing analysis

In this appendix, the computational effort for the predistortion control of
the LS- and Crosscorrelation predistorters is estimated when executed on
a Texas Instruments C67x Floating Point Digital Signal Processor. We as-
sume a typical but representative application: UMTS with sufficient resolu-
tion in the feedback path. The number of samples on which an estimate of
the PA non-linearity is based equals 8k samples. The sampling frequency
equals 49 MHz.

C.1 Computations LS predistorter

The task that has to be executed by the DSP is to calculate an estimate (a) of
the PA non-linearity, based on 8k input samples. This activity is described as
(expression|4.37): & = (PAT)"'T'#x,. Since we use 8k samples, a memory
depth of two (r = 0, 1) and only odd polynomials up to the fifth degree
(k = 1,3,5), I' is an 8k X 6 matrix and X, is an 8k-element vector. The
result is the 6-element vector a.

The execution time is basically determined by two operations: the matrix
product T'T and the matrix-vector product I'’x,. We ignore the matrix
inversion because the dimensions of the resulting square matrix are small
compared to the dimensions of the original matrices. The dimensions of the
matrices and the vector within these operations are respectively (6 X 8K) X
(8K x 6) and (6 X 8K) x (8K x 1). The resulting dimensions are respectively
(6x6) and (6x 1). The execution times of operations on the resulting matrix
and vector can be neglected compared to the execution times of the first two
operations because of the small dimensions. The number of cycles needed
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for both operations are determined, using the Texas Instruments C67x DSP
Benchmarks. For calculating the number of processor cycles for both the
I'“T" and T'"x, operations we use the 'SP Complex Matrix Multiplication’
benchmark ([76]). The multiplication of a (r1Xc1)x(c1Xc2) matrix requires
2 X ry X ¢y X ¢y + 33 cycles. The IT''T operation requires 2 X 6 X 8K x 6 + 33
cycles. The I'¥x, operation requires 2 X 6 X 8K x 1 + 33 cycles. The results
are displayed in table/C.1,

Operation | Number of cycles
r“r 589857
I'x, 98337
total 688194

Table C.1: Number of TI C67x DSP cycles for the LS predistorter

For a processor, running at 300 MHz (3.33 ns cycle time) the execution of
the LS predistortion algorithm takes approximately 2.3 ms.

C.2 Computations Crosscorrelation predistorter

For the Crosscorrelation predistorter, the tasks that have to be executed by
the Texas Instruments C67x Floating Point Digital Signal Processor are:

— Applying the Hanning taper (expressions|5.17 and .
— Applying the Fast Fourier transform (also expressions|5.17 and 5.18).
— Normalizing the spectra (expressions|5.21/and |5.24).

— Calculating the least squares solution a (expression |5.26).
For all four tasks, we will estimate the computational effort separately.

— Applying the Hanning taper. To estimate the computational effort to
apply the Hanning taper on the 7 crosscorrelation functions, we use
the *SP Vector Multiplication’ benchmark ([76]). This benchmark as-
sumes real vectors. The Hanning taper values are real but the cross-
correlation functions contain complex values. We therefore use two
times the benchmark value. The total processing effort becomes:

7% (2% (2xfloor(%51)) + 18) cycles. In our application, n = 64 leading
to7 X (2% (2% 31)+ 18) =994 cycles.
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— The 7 tapered crosscorrelation functions are transformed into the fre-
quency domain by means of a 64-point Fast Fourier Transform (FFT).
We use the *SP Complex DIT FFT (radix2)’ benchmark ([76]):

7% ((2xnx*ogn)+42) cycles which leads to 7 X ((2 X 64 X 6) +42) =
5670 cycles.

— The normalization of the spectra is realized by multiplication of the
spectra with the element-wise reciprocals of a vector. So, we have to
calculate the reciprocals and then we have to apply them. The cal-
culation of the reciprocals of a complex value involves 4 real multi-
plications and the calculation of the reciprocal of a real value. For
the real multiplications, we again use the SP vector Multiplication’
benchmark and for the reciprocal of the real values, we use the SP
Vector Reciprocal’ benchmark ([76]). The total required number of
cycles becomes:

(4 x (2 x floor(*5+) + 18) + (8 x floor(*;1) + 53) = 4 x 2 x 31 + 18) +
(8 X 15 + 53) = 493 cycles

Applying the complex reciprocals to a complex spectrum involves 4
’SP Vector Multiplications’. This is repeated for 6 spectra:

6 x4 X (2xﬂoor(%) +18) =6 x4 x(2x31 + 18) = 1920 cycles.

The total number of cycles for the normalization equals 2413 cycles.

— The non-linearity of the PA is determined by calculating the least
squares solution: 4 = (G”G)"'G*g (expression [5.26). As for the
LS predistorter, we will only consider the products GG and G*’g in
our calculations since, after these multiplications, the dimensions of
the resulting matrix and vector are reduced to such an extend that we
can neglect the computational effort for the remaining calculations.
The calculations involved are a (6 X 64) X (64 x 6) matrix multiplica-
tion and an (6 X 64) x (64 x 1) matrix-vector multiplication. For both
products, we use the ’SP Complex Matrix Multiplication benchmark’
([76]): the multiplication of a (r1 X c1) matrix with a (c1 X ¢2) matrix
requires 2 X r; X ¢; X ¢; + 33 cycles. The GG operation requires
2X6xX64x6+33 = 4641 cycles. The GHg, operation requires
2x6x64x1+33 =801 cycles. The total number of cycles for
determining the least squares solution equals 5442 cycles.

An overview of number of cycles required by the Texas Instruments C67x
Floating Point Digital Signal Processor for the different tasks within the
predistortion control block of the Crosscorrelation predistorter, is given in
table|C.2!
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Operation Number of cycles
Hanning taper 994
FFT 5670
Normalization 2413
GG and G''g 5442
total 14519

Table C.2: Number of TI C67x DSP cycles for the Crosscorrelation predistorter

For a DSP, running at 300 MHz (3.33 ns cycle time) this amounts to 48 us.



Appendix D

Quantization of noise and
periodic signals

A model for determining the crosscorrelation function of partially corre-
lated noise is presented!. In this model a strong interferer, represented by
a periodic signal common to both channels of a correlator, is included. A
general expression for the correlation function is deduced. This expression
is checked against known results in case only noise is present at the Analog-
to-Digital Converter inputs and in case only a sinusoidal signal is present.
Furthermore, an expression is deduced in case two quantizers with different
resolutions are used to sample noise. Estimates of the errors, introduced by
quantization, are given and an example of a power spectrum is calculated
and compared with the result of a simulation.

The results presented in this appendix can be used to analyze quantization
effects in crosscorrelators. Crosscorrelators are applied in a diversity of
applications ranging from Radio Astronomy Receivers to Crosscorrelation
predistorters for Power Amplifiers. Expressions are derived keeping the Ra-
dio Astronomy application in mind. The expressions, used to analyze the
effects of quantization in Crosscorrelation predistorters are simplifications
of the expressions for the Radio Astronomy application.

D.1 Introduction

Within Radio Astronomy, the radio window of the earth’s atmosphere (roughly
from 30 MHz to 300 GHz) is used for observations of celestial objects. In

'Large parts of this appendix have been published in publication [9]
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general, the power of the radiation received from these objects is below the
power of the noise produced in the analog parts of a Radio Astronomy Re-
ceiver (RA Receiver). A technique to reduce the effects of the noise is to
crosscorrelate signals within a multiple-telescope RA Receiver. This way,
signals up to 70 dB below the noise level can be detected.

Interference, common to all telescopes, remains visible after crosscorrela-
tion. As a result of the non-linearity of the Analog-to-Digital Converter
(ADC), harmonics of the interference are present as well, contaminating
the whole spectrum. RA Receivers have been designed to have sufficient
selectivity in the analog paths to the ADCs to remove interference. Because
of the increasing bandwidth of the ADCs and the growing use of the electro
magnetic spectrum, the condition that the signals at the input of the ADCs
do not contain interference is no longer satisfied. For the design of modern
RA Receivers, it is therefore necessary to be able to analyze the effect of
narrowband interference for different resolutions of the ADC.

The effects of quantization for the case no interference is present is studied
in [85] and [86]. This work is strongly related to the analysis of quantizing
systems using nonsubtractive dither [75], where the measured correlation
coefficients equal the nonsubtractive dithered second order moments.

The crosscorrelation of noise and periodic signals has been studied in [92]
but only in case of extreme clipping and a small Signal-to-Noise Ratio
(SNR). Multi-bit quantization and arbitrary SNRs are not considered. Multi-
bit quantization of sinusoidal signals has been studied intensively (see [93]
and [94]) but the developed theory is not applicable to correlation configu-
rations.

Within this appendix, a generic model of a crosscorrelator for different types
of input signals, is given. A novel general expression for the measured
crosscorrelation function in case of multi-bit quantization of a signal con-
taining noise and a periodic signal, is found. This expression is elaborated
in case the periodic signal is a sinusoidal signal. Only quantization effects
and no sampling effects are considered. We check the expression against
known results and present estimates of the errors introduced in the general
case. We conclude with an example of a calculated and simulated spectrum.
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Figure D.1: A general correlator model

D.2 A general correlator model

D.2.1 The correlation function

The correlation function of a sine wave plus noise after extreme clipping
has been determined in [92]. Based on that analysis, a general correlator
model is presented in figure|D.1.

There are 2 wide-sense stationary noise signals X; and X,. A periodic sig-
nal f(¢) is added to both X; and X,. The resulting signals Y; and Y, are
quantized by Q; and Q, respectively and crosscorrelated.

Because X; and X, are wide-sense stationary, the noise inputs can be de-
scribed with a bivariate normal distribution. Zero mean (# = 0) and equal
power are assumed. Without loss of generality, it is assumed that the power
for both X; and X, equals one (0> = 1). If we consider the signals X, and
X, at the respective times ¢ and 7 — 7, the correlation equals p(7). Signals Y,
and Y, are quantized by a b-bit mid-riser quantizer with unit step size:

2b=1-g

oW = > d(gx—i) —2b-1+% (D.1)

i==20-141

® is Heaviside’s step function (see expression and g determines the
granularity of the quantization process. After quantization, the signals Z;
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and Z, are multiplied and the product is averaged. We define the time-
dependent correlation function R(¢, 7) as the ensemble average of Z;(¢) and
Zr(t —71):

Rit,7) = <S8 > = <Zi(t)-L(t—71) > (D.2)
The correlation function R(7) equals the time average over one cycle of the

periodic signal with period T, (see [92]). If the signal after multiplication
is sampled and integrated, R(7) is described by:

T,-1
1
Ri(7) = = > R(t.7) (D.3)
0

P

D.2.2 Splitting the noise sources

As is done in [88]], the two signals X; and X; (see figure|D.1) can be modeled
by 3 uncorrelated Gaussian noise sources Ny, N; and N,, all having zero
mean and o = 1:

X1 = V1=1p@) N+ /] p(1) [Ny (D.4)
X, = V1=1p@) N2 +sign(o(r) /| p(7) N (D.5)

The sign(p) operator is defined as:

sign(p) = {_1 itp <0 (D.6)

1 otherwise

Because of the sign operator in expression negative correlations be-
tween X; and X, are allowed as well. The periodic signal f(¢) is added to
both X; and X,. The components, due to Ny and f, are defined as displace-
ments:

A(no, 1, 7) VI @) Ing + f(2) (D.7)
As(ng,1,7) = sign(p(n) \/| p(7) |no + f(t = 1) (D.8)
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This leads to the following expressions for Y; and Y;:

Yi = 1-1p@) Ny + Ai(ng, 1,7) (D.9)
Y, = +1- |p(T) |N2 + Ag(no,l, T) (DlO)

For both quantizers, the input is the sum of two stochastic signals. Signals
due to N; and N, are uncorrelated and have power 1— | p(t) | while the
displacements A; and A, depend on noise source Ny. The power of N,
equals one. The time-dependent correlation function R(¢, T) can be written
as the ensemble average over the three noise sources Ny, N; and N,:

R(t,7) = / / / Jvo (o) fv () fv(n2)

. Q(nl + Al(l’lo, t, T)) . Q(n2 + AZ(”O, t, T)) (Dll)
. dnzdn]dno
where
1 1.2
T = e D.12)
1 _% lnlp(r))
Sa(n) = (D.13)

NS GDE

By rearranging expression|D.11, two gain functions G; and G, can be de-
fined:

R(ta T) = / fN()(nO)'Gl(nO’ t» T)‘GZ(nOa ta T) . dno (D14)
where

Gl(no,t,‘r):/ fv().0(ny + A(ng,1,7)) - dny (D.15)

Gy(ng, t,7) = / fn(12).0(ny + Ao(no, 1,7)) - dny (D.16)
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D.2.3 Elaborating G,

The quantization staircase consists of an ideal transfer function and an error

(see [94]):

O(x) =gx+ Y # sin2mmgx) (D.17)
m=1

Using this in (D.15), using standard rules for integration and trigonometry
[95] and inserting (D.7)), the expression for G| can be written as

Gi(no,1,7) =g f () + g /| p(7) Ino
+ Le—zﬁngz(l—mmn

mit
m=1

. [(cos <27rmg v/ | p(7) |n0) - sin (27rmgf(t)))
+ (Sin (27ng Nt |n0> . cos (2mmg f(t)))}

(D.18)

A similar expression can be found for G, where * +/| p(7) |” has to be re-
placed by ’sign(o(7)) V| p(t) I and " f(1)" by " f(t — 7)’.
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D.2.4 Final expression

Using the expressions for G| and G,, R(z, 7) (see|D.14) can be calculated:

Rt,7) = gfOft-1+ gp)

= 1 g m .
+ gf(@ Z m—zne ar’gtm3 sinrmyg f(t — 7))
my=1

= 1 2.2, .2 .
+ gft—-1) Z m—lﬂe_Q” M. sin(2rm, g f (1))

mi=1

+ ) 28%0(me M - cosRamyg f(t — 7))

mp=1

5 (D.19)
£ 302200 - cosamig (1)

mp=1

® - 1 02 (P +m2) g
+ e T ml ng .

[sin(27rm1 gf () sinamyg f(t — 1))
cosh(4n*g>p(t)mymy)+
cos(2mmy g f (1)) cos(RQmmyg f(t — 1))
sinh(4r® g2p(T)m1 mz)}

If the input signal is defined as f(#) = a sin(*P(¢)), the following expressions
can be used to rewrite expression|D.19:

sin(zsin(¥)) =2 Y J,(2) sin(p'¥) (D.20)
p=Ll,odd
cos(zsin(W)) = Jo(z) cos(V) + 2 Z J,(z) cos(p¥) (D.21)
p=2,even

J,(z) is the p-th order Bessel function of the first kind. R,(7) can then be
expressed as:
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2.2
Ry(7) =(1 + £)g%0(0) + (1 + ef)% cos(W(1))+

1

360 + lzdd €, cos(p¥(7))+ (D.22)
p=1,0

D € cos(p¥(r)

p=2.even

where

€, =4 Z Jo(27rmga)e_2”2’"2g2
m=1

4 1 22,2
— J 2 —2n°m-g
€f g_a mE_l p 1(2rmga)e

(o)

(o) (o] 2
6; = Z Z WJP(anlga)JpQﬂmgga)

l’l’l]=] m2=1

e S sinh(4? g mymyp(1)), p = 0,2, 4....

[ee] oo 2
6; = Z Z WJ,,(Zﬂmlga)JpQﬂnga)

mp=1 mp=1

e 2 cosh(dn’g?mimap(T)), p = 1,3,5....

An interpretation of the distortion coefficients € is that €, and €,_, represent
the distortion of the correlated noise part. € represents the distortion of the
sinusoidal signal. €; for p # 0 and €, represent a combined effect.

An alternative approach to calculate the crosscorrelation function in case
no interference is present (f(t) = 0, V), is to use the second-order joint-
moment given as:

E[Z,,Z2,] = (1 + 6(u1, o) E[Y1, Yol + Apio(uy, pro) (D.23)

For the elaborated version of this formula we refer to [96]. The gain of the
system 1is influenced by ¢ and the error is reflected by Au;,. Both ¢ and
Auy, are defined in [96] and depend on u; and u,, the expected values of Y;
and Y, respectively. The more intuitive analysis presented above, equals the
analysis of the second-order joint-moments when w; = u, = 0.
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D.3 Case studies

With the developed model, different cases can be analyzed. The first case
is single-bit quantization of noise. In the second case, an expression for the
correlation function is given in case a noise signal is quantized by quantiz-
ers with different resolutions. The third case is multi-bit quantization of a
sinusoidal signal without noise. In the fourth case, estimates of the quanti-
zation errors € are given and at the end an example of a calculated spectrum
is compared with a simulated result.

D.3.1 Single-bit quantization of noise

Single-bit quantization of noise occurs if no sinusoidal signal is present (a =
0) and the scaling factor before quantization is small (g << 1). For small
g, the RMS value of the noise signal at the input of the ADC is much less
than 1 LSB so, as an approximation, only the least significant bit contains
information about the input signal. The expression for R (7) then becomes:

1
R, (t)=(1+ ep)gzp(r) + 56;:0 (D.24)

with

[oe]
727252
Ep:4§ e2ﬂmg

m=1

(o) (o] 2
Ee—O — § E e—27r2(m%+m§)g2
p= mymym>

mp=1 mp=1

sinh(47? g2m1 myp(T))

Because, in this situation, there is a one-to-one relation between the corre-
lation of the signals before quantization (p(7)) and the correlation function
after quantization (R(7)), we could plot R; as a function of p. R, is approx-
imated by R; where the summations over m, m; and m, run from 1 to 50.
Because the output values of the ADC are —3 and 3, R, ranges from 0 to
0.25 while p ranges from 0 to 1. It is more convenient to normalize R’

ps(p) = 4R (p) (D.25)
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Figure D.2: Approximated and theoretical Correlation Coefficients (o, and p,,
resp.) versus real Correlation Coefficient (p)

In [15] and [97], the correlation coefficient in case of single-bit quantizers,
is determined analytically. This correlation coefficient p,, equals:

ow(p) = % arcsin(p) (D.26)

This *van Vleck relation’ should equal expression|D.24 (via|D.25). How-
ever, expression|D.25 can not be converted into expression/D.26 in a straight-
forward way. We therefore calculate p,(p) and p,,(0) separately and com-
pare the results. In figure D.2, both the approximated correlation after quan-
tization (p4(p)) and the theoretical correlation after quantization (p,,(p)) are
plotted against the correlation before quantization (p) where g = 0.1.

We see in figureD.2/that p; is a good approximation of the theoretical corre-
lation p,,. If we compare p; with p,,, the error is largest for fully correlated
signals (p = 1). The error then equals 1.6.1072 and can be reduced by
increasing the maximum values for m, m; and m,. For small correlation
coefficients (p < %), the error is smaller than 10719,
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D.3.2 Quantization of noise with different resolutions

When sampling noise, we can derive an expression for the crosscorrelation
function in case the quantizers Q; and Q, have different resolutions. Sup-
pose the resolution of Q; is determined by g; and the resolution of O, by g>.

The resulting expression for the time dependent correlation function R(¢, 7)
then equals:

R(t,7) = / v (10).G 1 (no, t, 7).Ga(no, t,7) - dny (D.27)

where

Gi(no,1,7) =g1 /| p(7) |ng

+ Z i e~ 2 mgi (=D,
mit
m=1

sin (2mmgy /1) )
Ga(no, t,7) =8 - sign(p(1)) /| p(7) |ng

® 1 2 2.2.2
+ N L 2,
2
sin (27rmg2 - sign(p(7)) /| p(7) | no)

Using these expressions, Ry(7) can then be written as:
1
Ry(p(7)) = (1 + €1)g1820(7) + ok (D.28)

where

(o)

_22 02 02 2202

61:§ 2(62ﬂmg1+62ﬂmg2)
m=1

[ [oe]
2
mymym

mp=1 mp=1

sinh(47? 8182mmyp(7))

This expression resembles expression to a large extend; the g-terms
are ’distributed equally’ over g, and g.
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D.3.3 Multi-bit quantization of a sinusoidal signal without
noise

This situation occurs if the noise powers before quantization (and after scal-
ing with g) are negligibly small. This means that g is small, and the power
of the sinusoidal signal (% g%a?) is non-zero. The measured correlation func-

tion then becomes:

2,2 o0
Ry(1) ~(1 + q)gT cos(P(m) + > € cos(p¥()) (D.29)
p=1,0dd
where
4 o 1
€f zg_a ; m—ﬂJ1(27rmga)

) 0 s ) 00 \/5 2
€ ~ mz;l ’; o J,2rmga)J ,(2nmyga) = (; %Jp(anga)>
The amplitude of the fundamental of the sinusoidal signal cos(*P(r)) be-

comes:
1 g2a2 +2ga i iJ (2nmmga) + i iJ (2nmmga) 2 =
2 — mn ] — mn :
"= "= (D.30)

1 22 ?
3 (ga + ; %Jl(Zﬂmga)>

For the harmonic signals (p > 1), the amplitudes of cos(p'¥(r)) equal €,
The amplitudes found this way equal half the squared gain factors found
in [94]. This is to be expected since in [94], the output amplitude of a
single ADC as a function of time is considered while in this appendix we
are interested in the correlation function of this signal, giving power.

D.3.4 Multi-bit quantization of a sinusoidal signal with
partially correlated noise

D.3.4.1 Estimation of the errors ¢,, €/, € and €’

In this section, estimates of €,, €/, € and €’ are determined.
. 2,22, .
In the expressions for €, and €7, 72" "¢ is an important factor (see expres-
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sion|D.22). For m*g? large, the e-values become very small: for m?g* = 2,
e 27m'¢ equals 7.2 - 107'® which can be neglected. We define:

Mypax = r(%) (D.31)
8

[(x) delivers the smallest integer larger than x. If the summations for €,
and €, are executed until m,,,,, €, and €;” are estimates of €, and €; with a
relatively small error.

To analyze € and €°, all m’s should be brought into the exponent except the
m’s within J,:

[os] 0 1
& =D > 5Jp2mmiga).d,2mmoga)
mp=1 mp=1
D.32
o~ In0m)—InGma) =27 (i +m3)g> +47° g mymop(7) ( :
e In(my )—In(my)—27%(m3 +m3)g* —47r282m1mzp(7))
o = - 1
& =D > —Jp2mmiga).d,2maga)
1=1 my=1 (D 33)

m
(6_ In(m1)—In(my)—27> (m% +m% )g2 +47r2g2m1 mop(T)

+e In(m; )—ln(M2)—2ﬂ2(l’l’l% +m§)g2 —472g%m mzp(‘r))

For radio astronomical applications, it is realistic to assume that the power
of the astronomical signal is less than the noise power generated in the ana-
log part of the receiver. This means that we can assume that p(7) < 1/2.

If m,,, 1s the upper limit for both m; and m,, the error in the estimates for
€, and €, is of the same order as for €, and €.

According to [94]:

I,(2) ~ \/ﬂzz cos(z — ”2—” - %) (D.34)

1
2

[ 1
J,(2nmga) < 5 (D.35)
memga

for z >>| p | +1. If the power of the sinusoidal signal (5 g%a?) is large:
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Note that the approximation of J,(2rmga) cannot have a maximum for all
p simultaneously. Nevertheless the approximation is useful since it gives
an estimate of the maximum value. The estimates, €, €/, € and €” of the
error terms then become:

Mmax 1

— /m’mga

4 mmax 1 1
=3 — _ pwmd (D.37)

ga “—'mn \/n*mga

Mmax Mmax 1 1

€ =4 e e (D.36)

2 nlga’
l’l’l]:] mg:l
(D.38)

(6_ In(m1)-In(my) 27> (m% +m% )g2 +47r2g2m1 my

—e In(m; )—ln(mz)—an(m% +m§)g2 —47r2g2m1 my )

Mmax Mmax 1 1

GOI = Z Z ;.ﬂ'zga.

=l (D.39)

(6_ In(m1)—In(my)—27> (m% +m% )g2 +472 g2m1 my

+e In(m; )—ln(mz)—271'2 (m% +m§)g2 —47r2g2m1 my )

e

X~ €

D.3.4.2 Evaluation of the errors

In the previous paragraph, approximations of the errors €,, €/, € and €° are
determined. €, is an estimate of the relative error in the measured corre-
lated power, € is an estimate of the relative error in the measured power
of the sinusoidal signal. For € and €°, the estimates are almost equal so
€ can act as an estimate of the absolute distortion power introduced by the
quantization. €, and €; are relative errors (see expression D.22), while €
is an absolute power. In order to compare the different e-values, € must
be normalized with either g* or 5g%a*. We choose to normalize with g2, the
scaling factor of the correlation function. In figure ID.3| €,, €; and € /g*
are plotted as functions of the RMS noise level at the quantization staircase
where p < % An 8 bit sinusoidal signal is present at the input of the ADC
(ga = 128).

From this figure it can be concluded that the errors, introduced by quantiza-
tion, rapidly decrease by increasing noise levels at the input of the ADCs.
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Figure D.3: Errors for ga = 128 and RMS noise levels < 1

If an 8 bit sinusoidal signal and 1 LSB noise is present, it is possible to
estimate the correlation coefficient and the power of the sinusoidal signal
with an accuracy better than 10~ and 107'? respectively and the spectral
distortion will be less than 107!2,

D.3.5 An example of a spectrum

As an example, we calculated the crosscorrelation of a 2.5 LSB amplitude
sinusoidal signal with 1/4 LSB RMS noise at the quantization staircases.
The noise at the two ADCs is partially correlated with p(0) = % We also
simulated the set-up where we used pseudo-random noise sources to model
Ny, Ny and N,. The crosscorrelation function is used to determine the cross-
power spectral density. The results of both the calculation and the simula-
tion are given in figure D.4.

The bandwidth of the correlated noise signal (Ny) is ;—znd of the sampling
frequency and the frequency of the sinusoidal signal is ]‘—6th of the sampling
frequency. It is chosen this way to illustrate the effect that the noise spec-
trum is repeated around the even harmonics of the sinusoidal signal. The
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f/f
s

Figure D.4: Normalized Spectrum of a 2.5 LSB amplitude sinusoid plus a % LSB
noise with a correlation coefficient of 0.5. The solid curve shows the spectrum
obtained with a simulation model and the dashed curve shows the calculated spec-
trum.
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bandwidth of the uncorrelated noise sources N; and N, is half the sampling
frequency.

A small difference between the simulated and calculated spectrum can be
observed. This is due to the fact that, for practical reasons, sampling before
multiplication is used in the simulation model. This sampling causes alias-
ing on both inputs of the multiplier. Amplitudes of sinusoidal signals with
frequencies which do not overlap before sampling but which do overlap af-
ter sampling, are summed. The derived model assumes sampling only after
the multiplication. After integration and Fourier transformation, values for
frequencies which overlap after sampling, are summed. These values rep-
resent power. So, in case of the simulated spectrum, the amplitude of the
sinusoidal signals with overlapping frequencies after sampling are summed
while in case of the calculated spectrum only the power of these signals is
summed. This explains the small difference. By calculating the spectra in
cases more noise is added to the channels of the crosscorrelator, the average
distortion is decreased which is also known as the ‘dithering’ effect (see for

example [98]).

D.4 Conclusion

A general expression for the correlation function, in case of crosscorrelat-
ing multi-bit quantized signals, is determined for input signals consisting
of 3 components: noise which is equal for both channels of the correlator
(correlated noise), noise which is produced within each of the channels of
the correlator (uncorrelated noise) and a common periodic signal. Two ex-
treme cases are: the input signal consists of only noise and the input signal
consists of a sinusoidal signal plus uncorrelated noise. For these cases the
results were already known and match with the developed expression. All
other combinations of the 3 types of signals can also be analyzed using the
general expression of the correlation function. In developing the model, the
quantization staircase has been decomposed into a linear transfer function
and an error-sawtooth. The effects of the error-sawtooth on the periodic sig-
nal are analyzed. The effects of the correlated- and uncorrelated noise have
been included. The well-known fact that noise smoothes the quantization
staircase of an ADC is demonstrated with the above model. Not included in
the model is the effect of the uncorrelated noise and the sinusoidal signal on
the SNR of the measured correlation function and the effects of the linearity
errors of the ADCs. These are subjects for further study.
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Appendix E

Distortion plots of PA models

In this appendix, we present the AM-AM and AM-PM distortion plots of:

— Sampled stimulus- and response data of a PA. The data was obtained
through measurements on a PA by Philips Semiconductors.

— A PA model constructed by Philips Semiconductors, based on the data
mentioned above.

— A memory polynomial constructed by the algorithm used in the LS
predistorter, using the stimulus- and response data provided by Philips.
The LS predistorter uses orthogonal polynomials and the Direct Learn-
ing scheme.

— A memory polynomial constructed by the algorithm used in the Cross-
correlation predistorter, using the stimulus- and response data pro-
vided by Philips. The LS predistorter uses orthogonal polynomials
and the Direct Learning scheme.

In figure [E.1, the AM-AM distortion for the original data and the model
provided by Philips are presented.

In figure [E.2, the AM-AM distortion of the memory polynomials, deter-
mined by the LS- and Crosscorrelation predistorter, are given.

In figure [E.3| the AM-PM distortion for the original data and the model
provided by Philips are presented.

In figure [E.4, the AM-AM distortion of the memory polynomials, deter-
mined by the LS- and Crosscorrelation predistorter, are given.
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Figure E.1: AM-AM distortion of the Philips data and the Philips model
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Figure E.2: AM-AM for the PA models based on the LS- and Crosscorrelation
predistorters
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Figure E.3: AM-PM distortion of the Philips data and the Philips model
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Figure E.4: AM-PM for the PA models based on the LS- and Crosscorrelation
predistorters
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Appendix F

Spectra within a back-end

In this paragraph, we present spectra at the different points in the back-end
of a Radio Astronomy receiver. This appendix is based on [14], section
12.2. We use the block diagram as it was presented in figure|7.4. For con-
venience it is repeated in this appendix in figure F.1.

Our basic interest concerns the spectra (Power Spectral Densities) at the
input of the Square Law Detector (SLD), at the output of the SLD and at
the output of the Lowpass Filter. We assume that the signal at the input
of the SLD is a Gaussian noise signal with a flat Power Spectral Density
and that the spectrum ranges between —Av and Av. Av is generally called
the predetection bandwidth and in practice, it will be determined by the
bandwidth of the last stage before the SLD. For convenience, the signal at
the input of the SLD is supposed to be centered around DC (0 Hz). There is
however no fundamental difference with systems where power is detected
at IF frequencies. The total power of the signal equals o>. The different
spectra within a receiver have also been discussed in [99], pp. 337 to 340.
We present and discuss the results of this analysis.

The Power Spectral Density (spectrum) at the input of the SLD is presented
in figure [F.2,

The total power of the signal equals the area between the x-axis and the
Power Spectral Density curve.

The most important characteristic of the SLD is that the instantaneous value
of the output is proportional to the instantaneous power of the input. One
operation which satisfies this characteristic is the square’ operation. In this
case, the input signal is multiplied with itself. The resulting spectrum at the
output of the SLD is then indicated in figure E.3 (from [99], p. 338).
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Figure F.1: Block diagram of a back-end for a single-dish telescope

TPower Spectral Density

e

—Av Av frequency

Figure F.2: Spectrum at the input of the Square Law Detector
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Figure F.3: Spectrum at the output of the Square Law Detector
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Figure F.4: Spectrum at the output of the Lowpass Filter

We see that the spectrum has broadened from —Av...Av to —2Av...2Av. Fur-
thermore, the Power Spectral Density is decreasing for frequencies further
from DC. The overall AC power at the output of the SLD equals the area be-
tween the x-axis and the Power Spectral Density and equals 20**. Note that
the RMS value equals V202, Furthermore, there is a DC component, indi-
cated by a delta function at 0 Hz, with an area equal to o*. This means that
the power of the DC component equals o* and that its RMS value equals
o?. This signal is filtered. The purpose of the filtering is to reduce the
area between the x-axis and the Power Spectral Density curve while pass-
ing through the DC value. This can be achieved by a Low Pass Filter. We
assume that the Low Pass Filter is implemented in the digital domain and
averages N -t samples. The effect of this ’filter’ is approximately that the
Power Spectral Density is restricted to the frequencies ranging from —= to

2tN
5. This is indicated in figure [F.4.

We see that the output consists of a DC component, representing the power
of the original signal and a residual AC component. The power of the DC
component equals o* and the power of the AC component is approximated
by o

AVIN *

If the power at the input of the SLD is constant, two effects are clearly
visible. First, if the number of samples #N, used to average the output of
the SLD, is increased, the variation on the signal at the output of the filter
is decreased. This is caused by the fact that the filter becomes more narrow
(see figure [F4). Another effect is that if the predetection bandwidth Av is
increased, the variation on the signal at the output of the filter is decreased.
This is due to the fact the the spectrum at the output of the SLD is widened
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as well, but the total power is still the same. The maximum value, at DC, is
therefore lower. If the bandwidth of the Lowpass Filter is kept constant, the
variation at the output of the Lowpass Filter is decreased.



Appendix G

Application of the Efficiency n'?¢

The total power receiver efficiency (7?) equals the ratio of the SNR in case
of digital addition in a TAA and in case of analog addition, see expression
9.12 in section|9.3. Writing this expression in a different form gives:

SNRP = yPd s NRP (G.1)

The SNR in case of analog addition, S NR%P¢ s determined in section|9.3]
for a hypothetical situation where all antennas have equal receiver noise
power and the step in correlated power is known. In practice however, re-
ceiver noise power differs for different telescopes. In this paragraph, we
will determine the quality of an analog adding system with unequal receiver
noise powers for individual antenna’s and use expression|G.1/and Table|9.1
to estimate the quality of a digital adding system.

The factor n”? can also be used to estimate the effective antenna area in
case of summation of digital signals.

G.1 Determination of S NR%P4

Temperature, multiplied with two times Boltzmann’s constant, is a measure
of power. Because of this simple linear relation, temperature is very of-
ten used as a measure of power. In case of an analog TAA, an alternative
definition of S NR*'P? is:

(G.2)
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where Ts,, equals the on-source temperature and 75 ,sr equals the off-
source temperature. AT, is the standard deviation given in a similar way
as the source flux standard deviation is given (see expressions|7.4/and [7.7):

K

VAv it N

As mentioned in section 9.1, the ADCs are equipped with Automatic Gain
Control circuits which weigh the analog inputs to have reference levels for
A/D conversion which are at a fixed fraction of the RMS level of the input
signal. The weight coefficients wy can be determined as:

ATy = TE,on (G.3)

T,

e (G4
Tri+Tax

Wi

where T, is a measure of the power level at the outputs of the AGC systems
(which is equal for all AGCs), Tk 1s the receiver temperature and 7' 4 1s the
source antenna temperature of the k-th radiotelescope. In most applications
Tphr << Tgry, sO

T,
W X ——

~ G5
Ter (G.5)

The effective receiver temperature for the analog TAA as a single dish Ty 5
equals:

M
Ths =Y wiTrs (G.6)

k=1

The effective antenna temperature of the analog TAA as a single dish Ty
equals:

M 2
Tis = (Z vV WkTA,k> (G.7)
k=1

The sumsignal 75 ,, at the output of the total power receiver, when M ra-
diotelescopes are pointed on-source, is given by:

M M 2
Tson=Ths+Tis = > wiTri+ (Z \ /wkTA,k> (G.8)
k=1 k=1
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The sum signal T, in the absence of a source signal equals:

M
Tsofr = Z wi Tk (G.9)

k=1

Using the values for Tx ,, (G.8), Tx ¢ (G.9) and AT,,,; (G.3) in expression
'G.2 and realizing that Ty, << Ty, the following expression for the SNR in
case of an analog TAA can be given:

2
M
VwiTit
(Zk:l W A”‘) AviN

SNR*"  ~ (G.10)
M Ks
( Zkzl WkTR,k>
2
M
T
(Zk=1 Ve A,k) VAV IV
~ (G.11)
MT, K,
So, using expression the digital SNR (S NR%P?) becomes:
( 2
>l VT k)
- ’ VAvtN
SNRP 7 . (G.12)

MT, K,

We can define the effective antenna temperature for the tied array as a single
dish, as Tff:g’ “ and the effective receiver temperature as Tj such that

T4 VAVIN
SNRH! = Az YOVIT (G.13)
Trs K
To define the effective antenna temperature T/‘fz;”d meaningfully, we will first
define the effective receiver temperature ng,z and then equate the right parts

of expressions|G.12 and(G.13 in order to define 742"

In [48] it is suggested to define the effective receiver temperature of the tied
array as described below. Because of the AGC, the power (temperature) at
the output of the TAA always equals MT,: for every specific set of val-
ues Tgy, the weights wy (k = 1, ..., M) are set in such way that the output
equals MT,. Suppose we freeze the settings of the AGCs by freezing wy and
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suppose the receiver temperatures 7, become 1 K for all receivers. The re-
ceived power then equals 3 1", wy. The effective receiver temperature of
the TAA is then defined as follows:

Ths = —— (G.14)

This value can be interpreted as the real receiver temperature at the output
of the adder normalized with the temperature in case all antennas have a
receiver temperature of 1 K. Equating the right parts of(G.12 and|G.13 and
using definition/G.14 gives:

2
M
VWi T
; (Zk:l Wi A,k) Av I N Tzi:tzpd M AV TN

1
MT, K, MT, K, G-15)

1p
n
k=1

Then the effective antenna temperature T/‘fz;”d for the tied array becomes:

2
(224:1 VWkTA,k>
Td,tpd _ o tpd

Ax = M
> ket Wk

This formula can then be used to calculate the effective area A'e’;f; of the Tied

(G.16)

Array. Referring to expression|7.2, we define A;’}? via:

2kT4L!

0= tpd

Actrs

When S and Tf\l:g’ “ are known, we can calculate the effective area of the
Tied Array:

(G.17)

2T
Alfffe = =5 (G.18)

where A%‘,z is the effective area of the Tied Array, k is Boltzmann’s con-

stant, S is the source flux in Watt per Hz per m? or Jansky (Jy).
The above mentioned formulas are used in the following example:

Example
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The Westerbork Synthesis Radio Telescope works in a Tied Array mode us-
ing 10 antennas and 3-level quantization. The system temperatures are taken
after a calibration observation: Tg; = 170,Tg, = 151, T3 = 142, Tg4 =
164, Tgrs = 159,Tre = 177, Tr7 = 204, Tgg = 130, Tro = 192, Tg 1o = 157.
The source flux F = 15 Jansky (Watt Hz™' m~2) and the expected antenna
temperature is 74, = 1.5 for all k. The effective area of a single telescope
equals 276 m?. From Table 9.1 we see that n”? = 0.752 for 3-level quanti-
zation and 10 antennas. Using expressions and|G.14, we can calculate
the effective receiver temperature T y. Using and |G.16, the effective
antenna temperature Tf\l:;p “ can be calculated. The effective area of the Tied
Array can then be calculated using expression|G.18. The effective number
of telescopes M, is calculated by dividing the effective area of the TAA
with the effective area of a single telescope. The results of the calculations
are:

Tapy = 163.45°K

T{s = 11.24°K

AP = 2076m?

My = Al5/276 =17.522

Thus, because of the quantization, using 10 telescopes does not lead to an
increase in effective area of 10 times the effective area of a single telescope
but leads to an increase of approximately 7.5 times the effective area of
a single telescope. This decrease in effective area is due to the effects of
quantization.
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Appendix H

Application of the Degradation
int

n

The Degradation Factor ™ in case of a TAA, used in a correlation interfer-

ometer, is determined in expression |9.52/and rewritten in expression |9.53,
section Similar to the application of the total power receiver Efficiency
in appendix |G| the Degradation Factor is used to calculate S NR%" (p,) in
case S NR“™ (p,) is known. Also the effective area of the Tied Array can
be calculated when used in VLBI mode.

H.1 Determination of S NR%™

Expression 9.52 can be rewritten as:

SNRd,im‘ — nintS NRa,im‘ (Hl)

Furthermore, the analog signal to noise ratio S NR*™ can be written as (re-
ferring to figure 9.5):

E(Z¢-Z,) VAVIN
K
E ((Z§ : Zp)z)
E(Y¢-Y,) VAvVIN

K
E((YE’ ' Yp)z)

245

SN a,int

(H.2)

~ kdeg
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where kg4, 1s the degradation caused by the quantizers in the correlator.
These degradation factors are well known ([85] and [86]): for one-bit corre-
lation, k4, equals 2/m, for two-bit kg, equals 0.88. Both Y¢ and Y, consist
of a common signal N, and uncorrelated noise indicated with Ny and N,.
All three components Ny, Ny and N, have zero mean. The power of the
correlated component N is not equal for Y5 and Y,,. We therefore define the
gains a5 and a,, which determine the power of the correlated signal. Thus:

Y¢ = asNy+ N (H.3)
Y, = a,Ny+N, (H.4)

p

Using these definitions, expression H.2 can be evaluated. The numerator of
the middle part of the last approximation can be written as:

E(Y{ - Y,) = E(azNy - a,No) + E(agNy - N,) + E(Ng - a,Ny) + E(N¢ - N,,)
= E(azN() . a,,No)
= asa,E(Ny)
(H.5)

The expected value of the product of a noise signal (Ng and N,) with the cor-
related component &V, and the expected value of the product of the two noise
signals equal zero because all these components are mutually independent.
The value asa,E(Nj) can be rewritten into asa,oy, = dsoy, - apoy,. It is
more convenient to use the temperature language so we define the effective
antenna temperatures 74y and Ty y,:

T4y = asoy, (H.6)
Tiy, = aoy, (H.7)
(H.8)

The resulting expression of the numerator of the middle part of expression
'H.2 becomes:

E(Ys-Y,) = /Tixs/Tay, (H.9)

where we know from appendix |Gt

M 2
Tis = (Z V WkTA,k> (G.7)
k=1
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To approximate the denominator of the middle part of expression H.2, we
assume that the power of the correlated component N, can be ignored com-
pared to the noise power. This means that ay and a, equal zero. The de-
nominator of the middle part then becomes:

N E((Yg - Yp>2) ~ \/ E ((Ng ~Np>2)
~ \/E(<Ng>2) ~E(<Np>2)

The last step is allowed because Ny and N,, are uncorrelated. The expected
value E((NV¢)*) can be written as Tjy and E((N,)?) as Tgy,. Then, the de-
nominator becomes:

(H.10)

E((Yg : Y,,)2) = /Tis /Try, (H.11)

where we know from appendix Gt

M

Tgs = Z WiTg (G.6)

k=1

The SNR in case of an Analog Tied Array Adder (expression/H.2) can then
be written as:

k VTiz VTay, vAviN

M
2 ket VwiTak VTA’Yp VAv it N

SNR®

Q

~ kde
8 )
\/Z;\Mﬂ Wi TRk \/TRpr ks
M
~ k 2=t VT VTary vav N (H.12)
deg T, Trr, K :

Using S NR%nt = pint§ NR%"' expression|H.12 becomes:

int ZIZ] \/WkTA,k \/ TA,YP VAvt N
VMTL TR,Y,, Ks

SNREM = fyp ! (H.13)
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Using this expression, we are now able to determine the SNR at the out-
put of a digital correlator using a Digital Tied Array Adder. To calculate
this SNR we need to know the power of the correlated signal at the individ-
ual antennas (7'4) the power of the correlated signal at the VLBI partner
(TA’yp), the power level at the outputs of the AGC (T',), the weight factors
wy and the power of the noise added by the VLBI partner (T y,).

A general expression for the SNR of a digital correlator is:

‘ VAvtN
SR = oy VSNR; VSNRy~——

If we take a closer look at expression we see aratio \/Tay,/ \/Try,-
This actually is the square root of the SNR of the signal Y, from the VLBI
partner. It actually equals VS NR, in expression/H.14. The remaining frac-

tion to the left in expression H.13 actually acts as VS NR; in expression
H.14 and represents the square root of the SNR of the digital sumsignal X:

(H.14)

in M
VSNR; = " > i YWiTaxk
VMT,
We can define the effective receiver- and antenna temperatures of the Tied

Array using SNR; similar to the way Ty, and Ty, are used to define
S NRzI

(H.15)

Tg’izm n" Z%l VWil a g
VSNR, = - = = : (H.16)
Ty VMT,
We use the same definition for the effective receiver temperature T ;. as in
the total power receiver case. We therefore repeat (expression|G.14):

MT
Toy = L (G.14)

M
D k=1 Wik
Then the effective antenna temperature of the array in case of correlation
(T$¥") can be determined using expressionsH.16 and/G.14:

2
(224:1 VWkTA,k>
Z/Icvil Wi

This expression very much resembles expression G.16 which gives the ef-
fective antenna temperature in case of a total power receiver where 17? is

replaced by ().

T = ™) (H.17)
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The expression can be used to calculate the effective area in case a digital
Tied Array Adder is connected to a correlation interferometer which is il-
lustrated in the following example.

Example

If the configuration of the example in appendix |G is used in the configu-
ration where the output of the Digital Tied Array Adder is connected to a
correlation interferometer, the effective area can simply be found by means
of the effective area as calculated in the total power receiver mode.

int\2
(") d.tpd

s = S Tad (H.18)
. 2Tk
int _ AX

Aeff,z - SO (ng)

where k is Boltzmann’s constant and F is the source flux in Jansky.

In the example in appendix |G, the signals from 10 antenna’s are summed
digitally and 1'”? was found to be 0.752. For one-bit correlation, ™ equals
0.891 and for two-bit correlation, ™ equals 0.9. Using a calculated effec-
tive area in the total power receiver mode of 2076, the effective areas for
one- and two-bit correlation equal 2016 m? and 2057 m? respectively. The
effective number of telescopes equals 7.304 for 1-bit correlation and 7.453
for 2-bit correlation (7.522 in TPD mode).
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